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Abstract

This thesis consists of two parts.. All the ‘proposed circuits were implemented in TSMC
0.18um mixed-signal/RF CMOS 1P6M technology.

Part | presents a back-gate coupled current-reused gquadrature VCO (CR-QVCO) which
use double feedback mechanism to accomplish modified spontaneous transconductance match
(M-STM) technique. This method. is able to eliminate the transconductance difference
between NMOS and PMOS transistors so that high output amplitude balance can be achieved.
According to the measured results, the oscillation frequency is 4.84 - 5.17 GHz, and the
power consumption is about 5.04mW at the supply voltage of 1.3V. The phase noise at 1IMHz
offset is -117.4dBc/Hz and the figure-of-merit (FOM) of the proposed QVCO is about
-184.07dBc/Hz.

Part Il proposes a novel low noise capacitor-coupling method to perform injection
locking, and therefore quadrature signals at the output can be obtained. Moreover, by using
these large signal sine-wave outputs to make the tail-current transistors self-switching, the
advantage of lower phase noise and lower power consumption can be simultaneously
achieved. According to the measured results, the oscillation frequency is 4.83 - 5.30 GHz, and

the power consumption is about 3.64mW at the supply voltage of 1.3V. The phase noise at



1MHz offset is -125.8 dBc/Hz and the figure-of-merit (FOM) of the proposed QVCO is about

-193.87 dBc/Hz.
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Chapter 1

Introduction

1.1 Background and Motivation

As increasing demand for personal wireless communications, the requirements of
low-cost and low-power for wireless system have dramatically increased. Compact circuits,
with minimum area, are required to-reduce the-equipment size and cost. Thus, we need a very
high degree of integration, if passible a transceiver ona chip, either without or with a reduced
number of external component. In addition to area and cost, it is very important to reduce the
voltage supply and the power consumption.- Wireless transceivers for many standards,
including GSM, Bluetooth, WLAN, and_Wireless Personal Area Network (WPAN) require
low-power design techniques to enhance their battery lifetime and to improve their portability.
At the same time, the development of advanced CMOS technology with the shrunk channel
length is achieving higher cut-off frequency. Instead of bipolar and GaAs (Gallium Arsenide),
CMOS is very attractive for RFIC due to the ability of system-on-chip (SOC) implementation.
In addition to this benefit, scaling CMOS technology also satisfies the requirement of reduced
cost and smaller size.

In the wireless transceiver blocks, phase-locked loops (PLL) are widely utilized such as
frequency synthesizers, as shown in Fig. 1 - 1. Since the voltage-controlled oscillators (VCO)
play a key role in the PLL circuits and the phase noise of the VCO directly affect the

performance of the PLL circuits, the low-power and low-phase noise of VCOs are required.



Table 1-1 Wireless communication system characteristic

System Cellular phones WLAN WPAN
WCDMA 802.11 b/g 802.11 a | Bluetooth UWB
Frequency 1.92~1.98 2.4~2.4835 | 5.15~535 | 2.4~2.48 3.1~10.6
(GHz) 2.11~2.17
Modulation QPSK QPSK/OFDM | OFDM GFSK DSSS or
QPSK
Channel 5 MHz 20 MHz 20 MHz 1 MHz 528 MHz
Bandwidth (QPSK)
Data Rate 384 k/2 M 11/54 M 54 M 1M 110/480 M
(bit/sec) (QPSK)
Phase
- f Detector - f=M*(f/N)
petence |l T e veo e
%M |-

Fig.1-1 Block diagram of PLL-based frequency synthesizer

Due to the requirements of quadrature local oscillator (LO) generation for up-conversions and
down-conversions with image-reject mixing in wireless transceiver blocks, a quadrature VCO
(QVCO) with quadra-phase outputs is a general design.

In 2002, the Federal Communications Commission (FCC) has allocated 7500 MHz of
spectrum for ultra-wideband (UWB) system in 3.1~10.6 GHz frequency range [1]. According

to FCC's definition, UWB system occupied a bandwidth is equal to or greater than 500MHz



when center frequency is over than 2.5GHz, or has a fractional bandwidth is equal to or greater
than 20% of the center frequency when the center frequency is less than 2.5GHz. There are two
proposals for UWB system: DS-CDMA (Direct-Sequence Code Division Multiplexing Access)
and MB-OFDM (Multi-Band Orthogonal Frequency Division Multiplexing).

DS-CDMA uses a sequence of Gaussian monocycle pulses which their spectrum is spread
asin Fig. 1 - 2. The lower band occupies the spectrum from 3.1 to 4.85 GHz and the upper band
occupies the spectrum from 6.2 to 9.7 GHz [2]. The 5-6 GHz band is dedicated to WLAN
802.11a systems.

In MB-OFDM UWB, see Fig. 1 - 3, frequency span is grouped into five major band groups

which are in turn sub-divided into 14 bands in total, each band is 528 MHz bandwidth [3] .

U-NII
Hiperlan 802.11a
5.125 5.725 UWB MBOA UWB MBOA
UWB MBOA "5.325 “5.825 Group C Group D

Group A

3.432 3.960 4.488 5.016 5.806 6.336 6.864 7.392 7.920 8.448 8.976 9.504 10.032 GHz

UWB MBOA
AR,

3.1GHz 4.85GHz 6.2GHz 9.7GHz
DS-UWB Low Band DS-UWB High Band

Fig. 1-2 DS-UWB spectrum allocation

GROUP A GROUP B GROUPC GROUP D GROUP E
A A A A
r . Y Y
Band Band Band Band Band Band Band Band Band Band Band Band Band Band
#1 #2 #3 #4 #5 #6 #7 #8 #9 #10 #11 #12 #13 #14

t i

3432 3960 4488 5016 5544 6072 6600 7128 7656 8184 8712 9240 9768 10296 f
MHz MHz MHz MHz MHz MHz MHz MHz MHz MHz MHz MHz MHz MHz

Fig. 1 -3 Multi-band spectrum allocation



1.2 Oscillator Fundamental

y (s) > As) > (s)

F(s) -t

Fig. 1 -4 Blockdiagram of negative feedback systems

In spite of oscillators are nonlinear in nature, they are usually viewed as a linear
time-invariant feedback system as shown in Fig. 1 - 4. Although we can easily write the two
block diagram, which are a gain block and a feedback block, to describe the negative
feedback system, the main design issues are in the details of how these two circuits interact
and how this interaction cause oscillation to occur. In the s-domain, the transfer function of this

negative feedback system is given by

A(s)

\Y)
v, ©=7
: + A(S)F(s)

n

(1.1)

The denominator of the transfer function goes to zero when the loop gain A(S)F(s) is
equal to —1 at a specific frequency w,, implying that there is an output without a driving input
signal, just what is needed for an oscillator. This is the well-known "Barkhausen criteria" and
they allow the circuit designer to look at the amplifier and feedback blocks to determine the
conditions for oscillation. Note that Barkhausen criteria are necessary but not sufficient for

oscillation.



1.3 Phase Noise

SV(_m) A

Wy 1Hz ®

Fig. 1 - 5. The phase noise per.unit bandwidth

The output purity of VCOs is quantified as phase noise, i.e., the cyclic uncertainty
induced by the noise of the active and passive devices. The phase noise is defined as "the
relative noise power per unit bandwidth at certain offset with respect to the carrier power".

That is,

Lo fd@} =10 I{ga“’”(ﬁd”@”m}) (1.2)

carrier

where  P,ana (@, + Aw,1HZ) represents the single sideband power at a frequency offset,

Aw, from the carrier in a measurement bandwidth of 1Hz, as shown in Fig. 1 -5, and P,

is the total power under the power spectrum.
Phase noise is the most critical parameter in the design of a high performance voltage
controlled oscillator (VCO). Any practical oscillator has fluctuations in both the amplitude and

the phase. Such fluctuations are caused by both the internal noise generated by passive and



active devices and the external interference coupled from the power supply or substrate. The
amplitude noise is usually less important in comparison with the phase noise for oscillators,
since it is suppressed by the intrinsic nonlinear nature of oscillators. Hence, the amplitude
fluctuations will fall away after a period of time in oscillators. The concept of amplitude
restoration can be visualized in the state-space portrait of the oscillator shown in Fig. 1 - 6,
[33]. The effect of this restoring mechanism is pictured as a closed trajectory in state-space.
The state of the system finally approaches this trajectory, called a limit cycle, irrespective of
its starting point. On the other hand, the phase noise will be accumulated, resulting in the severe
performance degradation of the system where the oscillator is used. Therefore, wireless

communication systems usually impose strict specifications on the phase noise performance. If

one plots L, {Aa)} for a free-running oscillator as a function of Awon logarithmic scales,

regions with different slopes may be observed as shown in Fig. 1 - 7, [33]. At large offset

frequencies, there is a flat noise floor. At small offsets, one may identify regions with a slope

of 1/f% and 1/ f°, where the corner between 1/ f%-and 1/ f° regions is called a, ..

Finally the spectrum becomes flat again at very small offset frequencies.

Limit
Cycle

AV

Fig. 1-6 Limit-cycle due to amplitude restoring mechanism , [33]



L, (A0} [dBc/Hz]

— (-30dB/dec)

1
e (-20dB/dec)

B
®_34B o | /f3 ('opedestal log(Aw)

Fig. 1-7 Atypical phase noise plot for a free running oscillator, [33]

i(f)
8(t—1) J_
iy ——C <8 L
L, %1
Vout vout

WA A WA
\/ \/ ' VAVAAVA

Fig. 1 -8 Impulse response of an ideal LC oscillator, [33]



The phase-noise model proposed by Hajimiri and Lee in [33] is based on the impulse
sensitivity function (ISF), which is a measure of the sensitivity of the oscillator to an
impulsive input. It is a dimensionless periodic function in 2z that is independent of the output
frequency and amplitude, describing phase shift result from applying a unit impulse at any
point in time. Fig. 1 - 8 illustrates this sensitivity for an LC resonator with the impulse applied
at the zero crossing and the peak of its output waveform [33]. If one injects an impulse of
current at the voltage maximum, only the voltage across the capacitor changes; there is no
effect on the current through the inductor. Therefore, the tank voltage changes instantaneously,

as shown in Fig. 1 - 8 (a). On the other hand, if this impulse is applied at the zero crossing, it
has the maximum effect on the excess phase, ¢5(t) , and the minimum effect on the amplitude,
as depicted in Fig. 1 - 8 (b).

For a small injected charge Ag,-the resulting phase shift a¢ is proportional to the

voltage change, AV, and hence to the injected charge, Aq. Therefore a¢ can be written as

AV
Aqﬁ:l“(a)or)-v—:l"(a)or)-— AQ <, (1.3)

m

Ag
q

where V . is the voltage swing across the capacitor and ¢, iS the maximum charge

swing. The function, I'(,7), is the so-called impulse sensitivity function (ISF). As long as

the injected charge is small, the equivalent systems for amplitude and phase can be fully

characterized using their linear time-variant unit impulse response, h,(t,z) and h,(t,7).

Note that the introduced phase shift persists indefinitely, the unity phase impulse response can

be easily calculated from above equation to be

r
h,(tr)= ga)or)_ § +7) (1. 4)



Therefore, the output excess phase can be calculated using the superposition integral as

¢(t):i h( &) (b) Tc&jrg“’of) (7 * (L.5)

where i(r) represents the input noise current injected into the node of interest. Since the ISF

is periodic, it can be expanded in a Fourier series as

I'(w,17) =C, J,icgos@a)or+6 (1.6)

n=1

where the coefficients c, are real-valued, and 6, is the phase of the nth harmonic. Using

equation (1.6) for F(a)or) in the ‘superposition_ integral and exchanging the order of

summation and integration, the-following is obtained

¢(t)=i{coii(f)d7+icnj.i(f)coén%f)df} (1.7)

=l u

Equation (1.7) identifies individual contribution to the total ¢(t) for an arbitrary input

current i(t) injected into any circuit node, in terms of various Fourier coefficients of the ISF.
The decomposition implicit in equation (1.7) can be better understood with the equivalent

block diagram shown in Fig. 1 - 9, [33].
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Fig. 1-9 The equivalent system for ISF decomposition, [33]

B

To investigate the effect of low frequency perturbations on the oscillator phase, a low

frequency sinusoidal perturbation current, 1(t) =14Ccos(Aat) , is injected into the oscillator at

a frequency of Aw < a@,. The arguments of all the. integrals associated with c,, n=1,...c0 in

equation (1.7) are at frequency higher than Awand are significantly attenuated by the

averaging nature of the integration, except the term arising from the first integral (the first

branch in the equivalent block diagram-of Fig. 1 - 9), which involves c,. Therefore, the

resulting excess phase can be approximated as

p(1) = oSN | It [sm((na)o +Aw)-1) sin((na, —Aa))-t)}
qmax : Aw n=1 2 : qmax na)o +Aa) na)o —ACO

_ 1,y sin(Awt)

¢(t) Urmax Ao

(1. 8)

As a result, there will be two impulses at +A® in the power spectral density of ¢(t),

denoted as S,(w) as shown in Fig. 1 - 10, [33].
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Fig.1-11 Conversion of a tone in the vicinity of w,, [33]
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As another important special case, consider a current at a frequency close to the

oscillation frequency given by i(t) = Iocos[(a)O +Aa))t]. A process similar to that of the

previous case occurs except that the spectrum of i(t) consists of two impulses at i(a)o +Aa)),

as shown in Fig. 1 - 11, [33]. This time the dominate term will be the second integral

corresponding to n=1. Therefore, ¢(t) is given by

_ lcsin(Aat)

o) O - A0

(1.9)

which again results in two equal sidebands at +tAw in S,(®).

The amount of phase error due to a given sinusoidal current can thus be calculated using

equation (1.8) and equation (1.9). Computing. the power spectral density (PSD) of the

oscillator output voltage, S, (@), requires knowledge of how the output voltage relates to the

excess phase variations. The-phase-to-voltage conversion process for a single tone is now

considered. For small value of ¢(t), cos[a)ot+¢(t)] can be approximate as
cos| @t +(t) | = cos(a,t) cos[4(t )] —sin(em,t) sin[4(t)]

copapt+ )] = cogft —}p)t  sér (1. 10)

cos| mt +¢(t) | = cos(wpt) + ﬁ [cos((@, +Aw)t)—cos((w, —Am)t)]  (1.11)

max

where it is assumed that cos[#(t)]=1 and sin[g(t)]=¢(t) for small values of ¢(t). The

excess phase is then converted to a pair of equal sidebands at @, +Aw . The sideband power

relative to the carrier can be calculated as

-12 -



lgc2+2> 1,6
n=1

L(Aw) =10lo
(4o) ) T 8gl A0

(1. 12)

Consider a random noise current source i (t) ,whose power spectral density has both a
flat region and a 1/ f region, as shown in Fig. 1 - 12, [33]. Equation (1.7) shows that noise
components located near integer multiples of the oscillation frequency are weighted by

Fourier coefficients of the ISF and integrated to form the low noise frequency noise sidebands

for S,(w). These sidebands in turn become close-in phase noise in the spectrum of S (w)

through phase modulation (PM), as shown in Fig. 1 - 12. The definition of the ISF can be
expanded to take into account the presence of.cyclostationary noise sources such as the
channel noise of a MOS transistor. Its statistical properties vary with time in a periodic

manner because the noise power is modulated by the gate-source overdrive voltage.

i?— N
(@)
Af
Aw
AT
/| \
,I \ JT‘)A‘” ’_(\—)Aw —(T)Aw
: : /// » /// N //’ N
\ 4 A \ A\ A \ A A \ A\
\ // '\ | ’\ | '\ |
/ / /
— A A T A > @
Nigs @)’,/ i @, _ N 3(1)0 »
v 1 = = s
.S,(w)
c0
cl
\4 C c3
Aw >
<N
S, (@)
I
|
|
PM :
|
1
1
|
1
4 + +
[N 2w, 3w,

Fig. 1 - 12 Conversion of circuit noise to excess phase, and then to phase-noise sideband
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Now consider with a white input noise current with power spectral density i’/ Af . Note

that | in equation (1.12) represents the peak and not the rms amplitude, hence,

n

IflzzflAf for Af =1Hz . Noise power around the frequency na,+Aw@ causes two
equal sidebands at @, + Aw, as shown in Fig. 1 - 11. However, it is important to recognize
that noise power at na, —Awalso has a similar effect. Therefore, twice the power of noise at
Na, +Aw should be taken into account, and hence equation (1.12) becomes

2
.

= 1
cC+2 cfj-
( ’ Z Af

L(Aw)=10lo 1.13
(4) TR -
According to Parseval's relation,
212 =£T|1“(x)|2 dx=c—§+§:c2 (1. 14)
rms T ) 2 ~ n
where T, .is the rms value of T'(x).Asa result equation (1.13) becomes
-
rms f
L(Aw)=10log| ———— 1.15
(40) =10l0g) 75— (1.13)

This equation gives the phase noise spectrum of an arbitrary oscillator in the 1/ f> region of
the phase noise spectrum.

Many active and passive devices exhibits low frequency noise with a power spectrum
that is approximately inversely proportional to the frequency. It is for this reason that noise

source with this behavior are referred to as 1/ f noise. Noting that device noise in the 1/ f
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region can be described by

Aw < wy, (1. 16)

where ,, is the corner frequency of device 1/ f noise. Hence, the sideband power

relative to the carrier inthe 1/ f° portion of the phase noise spectrum can be expressed as

L(Aw) =10log (1.17)

The phase noise 1/ f* corner, Aw, ., is the frequency where the sideband power due to the

white noise given by equation (1.15) is equal to the sideband power arising from the 1/ f

noise given by equation (1.17);-as shown in"Fig. 1 -:13.
AS¢(0))
Co

Gy

03\

> >

1
3

=l
S
Q
£

Fig.1-13 S,(w) onalog-log axis, [33]
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Solving for A

.- resulting in the following expression for the 1/ % corner in the phase

noise spectrum:

2
C
e = Qs (F_Oj (1.18)

As can be seen, the 1/ f* phase noise corner is not equal to the 1/ f device noise corner

2
but smaller by a factor equal to [ G j , Where ¢, is the dc value of ISF,

1271'
c,.=—| I'(x)dx 1.19
) 2”'([ () (1. 19)

Therefore, if the circuit can be designed such that the ISF corresponding to each transistor
noise source has no DC component, the flicker noise will not have any effect on the phase

noise of the VCO.

A white cyclostationary noise current--i.(t) can always be decomposed as

(D= b (B o, (1. 20)

where i,(t) is a white stationary process and a(m,t) is a deterministic periodic function

describing the noise amplitude modulation and therefore is referred to as the noise modulating
function (NMF). The NMF is normalized to a maximal value of one and can be easily derived
from the device noise characteristics and noiseless steady-state waveform. Therefore, the

expression for the excess phase resulting from a cyclostationary noise source can be written as

#(0)= [ () ““"Ot;'”“’of) dr w21
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As can be seen, cyclostationary noise can be treated as a stationary noise applied to a system
with a new ISF given by 'y, (X) =I'(X)-a(x) where a(m,t) can be derived easily from

device noise characteristics and the noiseless steady-state waveform.

In summary, the linear time-variant phase-noise model proposed by Hajimiri and Lee can
accurately predict phase noise of most practical oscillators by taking into account the
cyclostationary properties of the random noise sources. The introduced ISF accurately
describes the contribution to phase perturbation by each individual noise source, allowing

efficient optimization of phase noise performance.
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1.4 Thesis Organization

In this thesis, two current-reused quadrature VCO (CR-QVCO) and a wideband CMOS
down-converting mixer for W-band receiver are realized in TSMC 0.18um mixed-signal/RF
CMOS 1P6M technology, another mixer with the integrated LO frequency doubler has also
been proposed.

Chapter 1 discusses the motivation and challenges in low-phase-noise CMOS QVCO
design, and gives a brief introduction to the oscillator and phase noise.

Chapter 2 presents a back-gate coupled current-reused quadrature VCO (CR-QVCO)
which use feedback mechanism to accomplish modified spontaneous transconductance match
(M-STM) technique. This method is-ableto eliminate the transconductance difference
between NMOS and PMOS transistors so that-high output amplitude balance can be achieved.

Chapter 3 will propose a-novel low noise capacitor-coupling method to perform injection
locking, and therefore quadrature signals at the output can be obtained. Moreover, by using
these large signal sine-wave outputs to.make.the tail-current transistors self-switching, the
advantage of lower phase noise and lower power consumption can be simultaneously
achieved.

Chapter 4 gives the conclusions, summary of contributions, and future work plan.

Finally, Appendix focuses on a wideband CMOS down-converting mixer for W-band
receiver application. This mixer has the RF frequency chosen to be 8.7-17.4GHz, LO
frequency fix at 17.5GHz, and IF frequency close to DC~8.8GHz. In order to reduce the
difficulty in designing the corresponding LO module, another mixer with the integrated LO

frequency doubler has also been proposed.
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Chapter 2

Current-Reused Quadrature VCO with Modified

Spontaneous Transconductance Match

2.1 Introduction

Modern RF receivers and transmitters require-oscillators with accurate quadrature and
low phase noise. Since most of the current wireless communication systems are employing
quadrature modulation, there have been various research results to obtain accurate quadrature
local oscillator (LO) signals with low phase ‘noise.. For quadrature signals, in-phase and
quadrature-phase (1/Q) match is an important requirement while meeting the requirements of
low-phase noise and low power for integrated VCOs. The quadrature characteristics can be
evaluated in terms of phase error and amplitude imbalance. Quadrature LO signals can be
obtained in various ways:

I. A poly-phase filter (PFF) following a VCO running at the required LO frequency [4].
Usually, the PFF for quadrature phase shift is implemented with a passive RC network,
which introduces power loss and additional phase noise. If a wide frequency range is
required, high order PFF has to be used and the power loss and phase noise become
much large. Additional power might have to be dissipated in the LO buffer compensating
the power loss in the passive PFF[5].

Il. A divide-by-two frequency divider following a VCO running at double the required LO
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frequency, as shown in Fig. 2 - 1 (a). This method has the drawback of very large power
consumption due to the high operating frequency of VCO and frequency divider.

I1l. By means of Quadrature coupling the differential VCOs[6]-[9], as shown in Fig.2-1
(b). The quadrature coupling method is widely used because of its better phase noise
performance. Therefore, in this chapter we use the quadrature coupling method to
generate the quadrature LO signals.

In order to achieve low power consumption, current-reused VCO (CR-VCO)
configuration is one of the most widely used solutions. Fig. 2 - 2 shows the schematic of the
conventional NMOS-based current-reused VCO (CR-VCO) by stacking switching transistors

in series like a cascode [10].

. P Frequency
Differential 2 Divider
VCO (/2)

'
"

(a)

| 90° 180°
Differential > Differential > <

|_> VCOl | —p| VCO2

270° 0°
(b)

Fig.2-1 Examples of quadrature signal generation methods
(a)frequency division (b)quadrature coupling
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Fig. 2 -2 Schematic of the conventional current-reused topology

Unfortunately, There are three ‘drawbacks of this type CR-VCO. First, As compared to
the generic VCO, the frequency tuning range of this type CR-VCO is narrower. Because the
DC levels at the two sides of the varactors are different, the capacitors Cpx must be added for
dc block and ac short to have the identical voltage drop across the varactors. Besides, the
capacitors Ccp and resistors Ryiss should be added to biasing the transistors properly.
Therefore, the capacitance tuning range Cmax / Cmin Will be smaller due to the addition of extra
capacitors. Involving too large number of capacitors and hence higher capacitive load at the
output node also restrict the oscillation frequency. Second, A large capacitor Cgng, €VEN an
external one, should be added at the node X. Since the node X is pulled up when each one of the
differential NMOS turns on, the frequency at the node X is twice as the frequency at the VCO
output. A large capacitor Cg,q should be used to have a tight ground effect, symmetric

differential output swing and suppress the high frequency noise at node X. Third, the amplitude
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imbalance of the output signals is relatively larger than the conventional cross-coupled VCO

due to the unsymmetric circuit structure.

VDD

M2

Vetrl g
A
Ml

Fig. 2-3 Schematic of another conventional current-reused topology

Another type of CR-QVCO has been reported in [11], as shown in Fig. 2 - 3. It replaces
one of the NMOS transistors of a conventional differential LC-VCO with a PMOS transistor.
The biasing of this complementary current-reused VCO (CR-VCO) topology is much easier
than the NMOS-based cascode current-reused VCO (CR-VCO) topology. That is, the DC
levels at the two sides of the varactors are the same and no extra capacitors are needed.
Therefore, the problem of involving too large number of capacitors and hence higher
capacitive load at the output node can be solved.

Although the CR-QVCO using the configuration shown in Fig. 2 - 3 has excellent low

power consumption, there is an drawback that the amplitude imbalance of the output signals
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is relatively larger than the conventional cross-coupled VCO due to the asymmetric circuit
structure. To solve this problem, a passive degenerative resistor is added at the source node of
the NMOS transistor to balance the transconductance difference between PMOS and NMOS
transistors. Unfortunately, this method requires an accurate resistance value to have good
imbalance suppression and the inserted resistor dissipated an extra amount of power. The
VCO reported in [18] used MOS transistors biased in the triode region as a variable resistor to
replace the degenerative resistor. By connecting the gate terminals to the center-tapped
inductor, which was called spontaneous transconductance match (STM) technique, the VCO
is able to automatically eliminate the signal imbalance such that high amplitude balance and
low power consumption can be simultaneously achieved without using any accurate resistors.

The circuit we proposed in this: chapter has slightly modified the so-called STM-
technique by connecting the gate ‘terminals to the another side of the output. Because of
feedback mechanism, much better performance of transconductance matching than original
one can be achieved. We give it a name modified spontaneous transconductance match

(M-STM) technique. The circuit design consideration will be discussed in next section.
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Fig. 2-4 Schematic of the conventional parallel-coupled QVCO (P-QVCO) topology
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Fig. 2-5 Small signal equivalent circuit of the switching- and parallel-coupling transistor

Fig. 2 - 4 shows the conventional parallel QVCO (P-QVCO) where | and Q signals are
generated by coupling two differential VCOs through coupling transistors Ms- Mg in parallel
with switching transistors M - My Fig. 2 - 5 shows the small signal equivalent circuit of the
switching and corresponding coupling transistors [6]. From Fig. 2 - 5, the coupling strength o

between the two VCOs of the P-QVCO can be defined as
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_ gm,couple —_ 9m5 — WS

g m,switching g mil Wl

where gm,couple 8Nd Om switching @re the transconductance of coupling transistor and switching

transistor, respectively. In P-QVCO, the coupling strength a has a strong effect on phase noise

and phase error which defines the phase difference from 90 "between | and Q signals. For

example, the increase in o degrades the phase noise significantly while the phase error is
reduced, or vice versa. The phase noise degradation is induced by the increase in
transconductance of the coupling transistors. In addition, the increase in a leads to a higher
amount of power dissipation.

Another method to generate quadrature signals_has been reported in [17], as shown in
Fig. 2-6. In Fig. 2 - 6, the back-gate (body-terminal) of the PMOS transistor in one pair of
the VCO is used as the quadrature phase coupling element to the other pair. Consequently the
four quadrature-coupling transistors in the conventional P-QVCO are not needed and their
noise contribution to the oscillator vanishes. As mention above, the P-QVCO has trade-off
between phase noise and phase error. However, in the back-gate-coupling QVCO, phase error
can be reduced without sacrificing phase noise as the coupling involves no additional

transistors. From Fig. 2 - 7, the coupling strength ag through the back-gate can given by

:gmb: Y

On 2420,V

Og

where y, ®f, and Vs are the body-effect coefficient, work function, and back-gate (body) to
source bias voltage, respectively. It can be seen that the coupling strength ag is a function of
Vgs. Therefore, in order to increase ag, which leads to phase error reduction, the

body-to-source reverse bias should be minimized. The usage of back-gates removes the
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coupling transistors and therefore additional noise contributions compared to the conventional

coupling transistor based topology.

VpD
S —
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o
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Fig. 2-6 Schematic of the conventional back-gate coupling QVCO
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Fig. 2 -7 Small signal equivalent circuit of the back-gate-coupling transistor

B
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The close-in phase noise spectrum of the circuit shown in Fig. 2 - 6 results from the
flicker noise up-conversion of the NMOS and back-gate modulation PMQOS transistor, which

is expressed as [33]
:2 :2
In,N In,Pb
2
Co Af Dy Af Wy pp

Vo | 2:A0° Aw  2-Ad’® Aw

L(Aw) =10log

where ¢ is the first Fourier coefficient of the impulse sensitivity function, representation the

:2
i
wave form symmetry of oscillating signal. The term ;—? denotes the summed noise current

spectral density from NMOS transistors with angular flicker-noise corner frequency a,, , .

£2
n,Pb

while

denotes the one from back-gate modulated PMOS transistors with the angular

corner frequency w,, .. Theinsertion of the resistor Rs at the NMOS source node reduces
the transconductance by a factor<of 1/(1+gmnRs),-which in turn reduces «,, , by the same

factor due to the proportionality of «,, , to gmn for a short-channel MOS transistor [34].

The resistor Rs also linearizes the degenerated transconductance variation over an oscillating
swing period. Nevertheless, this method requires an accurate resistor Rs which must be
properly designed because large Rs may cease the oscillation start-up, introduce extra thermal
noise and introduce an extra amount of power. As mention above, we propose the modified
spontaneous transconductance match (M-STM) technique to conquer this problem.

The circuit we proposed in this chapter can achieve lower phase noise, lower amplitude
imbalance ratio and lower power dissipation by combining the back-gate coupling principle,
current-reused QVCO structure and modified spontaneous transconductance match (M-STM)

technique. The circuit design consideration will be discussed in next section.
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2.2 Circuit Design Consideration

The schematic of the proposed modified spontaneous transconductance match (M-STM)
current reused quadrature VCO (CR-QVCO) is shown in Fig. 2 - 8. The CR-QVCO is mainly
composed of two current reused differential VCO cores, which replaces one of the NMOS
transistors of a conventional differential LC-VCO with a PMOS transistor[11]. The negative
conductances are provided by the cross-connected pairs of transistors M1, M2, and M5, M6,
to compensate the losses in the LC-tank. The series stacking of NMOS transistors and PMOS
transistors allows the supply current to be reduced by half compared to that of the

conventional LC-VCO while providing the same negative conductance.

VDD —1— = = —r—VDD
—”:M'/I I M8
Ihé [ [ Mo
1= 1 1 —
I+o .
Vetrl % % Vetrl
I_IT-I:N“% | | éMZ
—“:MS — - M4j|ﬁ

Fig. 2-8 Schematic of proposed current reused QVCO with modified STM
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Fig. 2-9 Proposed CR-QVCO operation during each half period

To explain the operation of the proposed CR-QVCO, Fig. 2 - 9 shows the schematic and
corresponding large-signal equivalent circuits during each half period of operation, that is,
when the voltage at node I+ is high and low. As shown in Fig. 2 - 9, during the first
half-period, the transistor M1, M3, M5, and M7 are on and the current flows from VDD to
ground through the inductor. During the second half-period, the transistor, the transistors are
off and the current flows in the opposite direction through the capacitors. Note that in the
conventional differential QVCO, the cross-connected transistors switch alternatively, while in
the proposed QVCO, the PMOS transistors and NMOS transistors switch at the same time.

Unlike a conventional VCO where the transistors switch alternatively, this QVCO does
not have a common-source node because the transistors switch on and off at the same time.
Therefore, the proposed QVCO is inherently immune to phase noise degradation caused by

second-harmonic terms at the common-source node. In the conventional NMOS-based or
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PMOS-based differential QVCO, the phase noise can be degraded significantly by the noise
near the second harmonic[15]. Utilization of PMQOS transistors in the cross-connected pair can
additionally help to reduce the phase noise due to lower flicker noise and hot carrier
effects[16].

Fig. 2 - 10 shows the concept of the proposed modified spontaneous match (M-STM)
technique. During the first half-period, the transistor M3, M4, M7, and M8 are biased in the
triode region as a variable resistor to control the gate-source voltage of M1, M2, M5, and
M6, respectively, which in turn determines the transconductances of M1, M2, M5, and M6. By
connecting the gate terminals to the another side of the outputs, the equivalent resistance of

the variable resistor can be expressed as

VDD —— =

wl T I L

Vetrl %

=M1 |
> |

Mt

Vetrl

WS

W
W

Fig. 2-10 Concept of the proposed modified STM technique
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where p,Cox and p,Cox are the MOS device parameters, W and L are the gate width and length
of the transistor. The effective transconductances of M1, M2, M5, and M6 in Fig. 2 - 10 can be

expressed, respectively, as

W |
O =HaCox (Tj Vowr- WDL
! uncox (Lj (VI+ _\/t )
3

W I
O =M, Cox (Tl Vovz- WDR

gmszppCox (ﬂj VDD-Vs5- lou
5

where p,Cox and ppCoy are the MOS device parameters, W and L are the gate width and length

of the transistor, V., is the overdrive voltage, Ip.and Ipg is the drain current of left-half VCO
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and right-half VCO, respectively.

The size of M1 - M8 are selected to satisfy the symmetric oscillation waveform
condition gmiZi- = OmsZi+ and gmoZo- = OmeZo+ Where Z, Zy., Zg, and Zg. denote the
impedance at node I-, I+, Q-, and Q+, respectively. When the output amplitude at node I- and
I+ are different, the feedback mechanism will change the gate voltage of M1 and M5 in an
opposite amount. Therefore, the gm:1 and gms are complementary changed by feedback
mechanism to equalize the output amplitudes. By the same token, the gm2 and gme are also
complementary changed by feedback mechanism to equalize the output amplitudes. The
comparison of amplitude ratio V3 / V1 with modified STM technique and without modified
STM technique is shown in Fig. 2 - 11. Over the entire frequency tuning range, the amplitude
imbalance ratio of output signals with modified STM technique is less than 0.2%, while the
amplitude imbalance ratio of qutput signals without modified STM technique is as high as

1.7%.

4

Amplitude Ratio V|-/ V|+(%)

s

. . . —%— W/l Modified STM Technique
1Y 37, U VU AU SRR 1 S A W/O Modified STM Technique
?AA‘**AAAAAA* I B R —
93 2 L o e b by b

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8
Control Voltage (V)

Fig. 2-11 Simulated output amplitude imbalance ratio of the proposed modified
STM-QVCO
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The mechanism of the proposed modified spontaneous transconductance match (M-STM)

technique can be divided into five state, as shown from Fig. 2 - 12 to Fig. 2 - 16 :

As shown in Fig. 2 - 12, when the gmn and gmp has been properly designed, two
outputs of the CR-QVCO will exhibit perfectly equal output level, i.e., Vis(avg) = Vi-@avg).

We give this ideal value a name V4o and will be used later.

A 7 y
\\ W
8o =1, Cy £_] [Vow Ip 1y ] Ems :Hpcox - [Vovs I Ty ]
L ), L
. S . S
4 Y ( h
Without [E j v Without . _ (E) V..
| M-STM L, ) | M-STM L Js )
Ideal Case : Equal Output Level
Vi
— Viraw) = = Videal
Ideal

Fig. 2-12 The M-STM mechanism to the ideal case of the proposed CR-QVCO
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Il. Typel-Casel:Viiav) > Vi(ag) = Videal
As shown in Fig. 2 - 13, when the NMOS process transconductance coefficient “k,”
has slightly become smaller due to process variation :
1. Vi@ Will become larger than ideal value correspondingly.
2. The larger V\.@vg) Will lead to smaller rgs3, and , in turn, increase V.(avg) toward

the ideal value, which is the dashed line in the zoom in window.

Consequently, V. Will have less variation thanks to the M-STM feedback

compensation.

\\Y4 ) Zoom In
gmlzuncox [fj [Vow 'IDerss]
1

. v,

4 ™

Without — (E) V.

LM-STM L),

Type I - Case I : Vi > = Videar
\G+
— 3= Vixaw > = Videal

Non-ideal

Fig. 2 - 13 The M-STM mechanism to "Type 1 - Case 1" of the proposed CR-QVCO
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1. Type 1-Case 2 : Vi+(avg) < Vi-(avg) = Videal
As shown in Fig. 2 - 14, when the NMOS process transconductance coefficient “k,”
has slightly become larger due to process variation :
1. Viiavg) Will become smaller than ideal value correspondingly.
2. The smaller V\.qvg) Will lead to larger rgs3, and , in turn, increase V+(avg) toward

the ideal value.

Consequently, V. Will have less variation thanks to the M-STM feedback

compensation.

\
\\Y
8o =1, Coy [fj [Vow -IDers3]
1

\. J

r D

Wltho“t ml: nCox (E) VO\r'l

M-STM L ),

g _J
Type 1 - Case 2 : Vi < = Videar i

Vi+

e eea
whessss
T
Temsmmn
-

VI+(avg} < = Videal
Non-ideal

csssse
csssse
smssmms

On On On

Fig. 2 - 14 The M-STM mechanism to "Type 1 - Case 2" of the proposed CR-QVCO
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IV. Type2-Casel: Vi(avg > Vitavg) = Videal
As shown in Fig. 2 - 15, when the PMOS process transconductance coefficient “kp”
has slightly become smaller due to process variation :
1. VI-(avg) will become smaller (but larger negative-half amplitude) than ideal
value correspondingly.
2. The smaller Vi) will lead to smaller rgs7, and , in turn, increase V(v

toward the ideal value.

Consequently, Vg Will have less variation thanks to the M-STM feedback

compensation.

7 3
\\Y%

s :“'pcox [?j [Vovs 'IDers3]

L 3 J

e “

Without  _ COX(EJ V...

M-STM g L J

G _J
Type 2 - Case 1 : < Virtavg = Videar
Vi Zoom In

< Vl+(avg) = Videal
Non-ideal

On On On

Fig.2-15 The M-STM mechanism to "Type 2 - Case 1" of the proposed CR-QVCO
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V. Type2-Case?2: Vi < Vitavg) = Videal
As shown in Fig. 2 - 16, when the PMOS process transconductance coefficient “kp”
has slightly become larger due to process variation :
1. Vi@ Will become larger (but smaller negative-half amplitude) than ideal
value correspondingly.
2. The larger V@vg Will lead to larger rqs7, and , in turn, decrease V\.ayg) toward

the ideal value.

Consequently, Vi.vg Will have less variation thanks to the M-STM feedback

compensation.

r \
W
Ems :Mpcox [fj [Vovs I T ]
\. 3 J
r D
Without nC. [Ej V...
M-STM ’ L J
\ y
Type 2 - Case 2 : > Viravg = Videal
VI+

Zoom In

> Vl+(avg) = Vldcal
Non-ideal

On On On

Fig.2-16 The M-STM mechanism to "Type 2 - Case 2" of the proposed CR-QVCO

- 37 -



2.3 Chip Layout and Simulation Results

The circuit was simulated and optimized using Agilent ADS. The design procedure can
be divided in two steps. First, a small signal analysis was used to optimize the feedback and
the resonator elements to find the oscillation condition at the target frequency. This condition
was simulated breaking the feedback path. In the second step, a large signal analysis was
performed with the harmonic balance simulator to predict the exact oscillation frequency and
output power of the fundamental signal as well as the harmonic signals.

Fig. 2 - 17 shows the chip layout photograph of the proposed modified STM current
reused QVCO, which is designed and implemented in TSMC 0.18um mixed-signal/RF
CMOS 1P6M technology. The chip.size-is 1.100 x 10.841 mm? including all pads and bypass

capacitances. Each buffer of the QVCO- outputs were designed as a common-source amplifier.

Fig. 2 - 17 Chip layout of the proposed modified STM-QVCO
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Fig. 2-19 Simulated tuning range of the proposed modified STM-QVCO
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The simulated phase noise and tuning range of the proposed modified STM QVCO are
shown in Fig. 2 - 18 and Fig. 2 - 19,respectively. Table 2 - 1 summarizes the simulated results
of the proposed modified STM QVCO in each corner. The figure of merits (FOM) for
oscillators summarizes the important performance parameters, i.e., phase noise and power

consumption P, to make a fair comparison is defined in [40] as

Ao

P
FOM =L(A 201 10log(——
(Aw)+ og[ j+ Og(lmW)

Wo
where the second term is to neutralize the effect of offset in L(Aw) while taking the center

frequency into account. The power consumption is calculated as dBm such that the unit of

FOM remains the same as that of L(A).

Table 2-1 Simulated results of the proposed modified STM-QVCO

Corner SS TT FF SF FS
Tuning 4.78-5.12 4.82-5.13 4.91-5.22 4.84-5.16 4.86-5.16
Range

Phase -118.645 -118.322 -118.102 -118.571 -118.313
Noise

Supply 1.5 1.35 1.2 1.35 1.35
\oltage

ID 3.6 3.41 3.53 3.49 3.38
Core 4.68 4.60 4.24 4.71 4.56
Power

FOM -185.53 -185.35 -185.64 -185.53 -184.90
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2.4 Measurement Results and Discussion

2.4.1 Measurement Consideration

The proposed QVCO are designed for on-wafer testing, and the DC voltage are supplied
by two sets of six-pin probe, so that the distance between each DC pad must more than 50um
to satisfy the probe testing rules. The output buffer of each quadrature output is designed
using common-source amplifier, and the drain end of each buffer is connected to the RF pad.
For measurement, we connect four bias-tee terminals to the corresponding RF pads as shown

in Fig. 2 - 20.

—— VDD

e ]
Bias-Tee

oVout

-

Fig. 2 -20 Bias-Tee Model

The phase noise, tuning range, output spectrum and output waveform are measured using
signal source analyzer (Agilent E5052B) and digital signal analyzer (Agilent DSA91204A)

shown in Fig. 2 - 21and Fig. 2 - 22, respectively.
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Fig. 2 - 22 Digital Signal Analyzer (Agilent DSA91204A)
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The Chip photo of the proposed madified STM-QVCO is shown in Fig. 2 - 23. Fig. 2 - 24
and Fig. 2 - 25 shows the arrangement-of DC and RF probes. The measured phase noise at
4.84GHz, output spectrum, tuning range, output waveform, and amplitude imbalance ratio
was shown in Fig. 2 - 26 to Fig. 2 - 30, respectively. Table 2 - 2 summarizes the measured

performance of the proposed modified STM-QVCO.
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Fig. 2-25 Photograph of the probe station
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Fig. 2-27 Measured output spectrum of the proposed modified STM- QVCO
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Fig. 2-28 Measured tuning-range of the proposed modified STM-QVCO
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Fig. 2 -29 Measured output waveform of the proposed modified STM-QVCO
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Fig. 2-30 Measured output amplitude imbalance ratio of the proposed modified
STM-QVCO
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Table 2 -2 Comparison of QVCO Performance

Technolog Tuning Phase Supply Core FOM
y Range Noise \oltage | Power
Thiswork | 0.18um 4.84-5.17 | -117.4 1.3V 5.04mW | -184.07
(Chapter 2) | CMOS GHz dBc/Hz@
1MHz
Thiswork | 0.18um 4.83-5.30 -125.8 1.3V 3.64mW | -193.87
(Chapter 3) | CMOS GHz dBc/Hz@
1MHz
[7] 0.18um 4.39-5.26 | -113.65 1.8V | 6.3mW | -180.0
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
[8] 0.18um 5.50-6.10 | -115 1.8V 1.84mW | -182.2
MWCL, CMOS GHz dBce/Hz@
2005 1MHz
[42] 0.18um 2.05247 | -117 1.8V 2.84mW | -184
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
[43] 0.18um 438-471 | -120.8 1.1V | 2.55mW | -189.61
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
[9] 0.18um 1.83-2.02 | -124 1.25V | 2.2mW | -186.7
MWCL, CMOS GHz dBc/Hz@
2007 1MHz
[17] 0.18um 3.01-3.49 | -133 1.5V | 81mW | -1935
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
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Chapter 3

Current-Reused Low Phase Noise Quadrature VCO
with Self-Switching Bias

3.1 Introduction

Quadrature signals finds application_in_many communication systems. For high speed
clock and data recovery systems, guadrature signals are required for frequency detection,
half-rate phase noise detection, and phase interpolation [19] - [21]. For RF front-ends,
quadrature signals are necessary in the implementation of image rejection and direct
conversion transceivers, where they are used for modulation or demodulation requirements.

As we mentioned in chapter 2, there are several methods to generate quadrature signal.
In fact, a widely-used approach for generation the quadrature signals at high operation
frequencies is to cross couple two identical LC oscillator so as to take advantage of the
superior performance achievable with LC resonators. In this case two oscillators can be
connected in such a way that a signal from one oscillator is injected into the second oscillator
and a signal from the second oscillator is injected into the first. The result is that the two
oscillators become locked in frequency with quadrature outputs. LC-VCOs have good phase
noise performance due to their inherent frequency selectivity that can suppress side-band
noise.

Fig. 3 - 1 shows the well-known implementation of Quadrature negative G, Oscillator

with parallel cross connections, in which two LC-VCOs are cross-coupled using addition
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coupling transistor (Ms-Mg) in parallel with the core negative-resistance transistor (M;-My).
This technique, however, suffers from the trade-off between phase noise and accuracy. The
coupling transistors connected in parallel further degrades the phase noise and the power
consumption significantly. To improve the performance, the coupling transistor (Ms-Msg) can
be connected in series with the negative-resistance transistors (M;-My), such that the phase
noise contribution from the coupling device can be reduced as a result of degeneration in

cascode configuration. The trade-off between phase noise and phase accuracy can be relaxed.

w1 7

Vetrl Vetrl

I+ o—¢ —o |- Q+ o— —o (-

EE e i e s el

Fig. 3-1 Schematic of the conventional parallel-coupled QVCO (P-QVCO)

As shown in Fig. 3 - 2, one of the methods of series coupling is referred as the Top-Series
(TS) QVCO [22], [23]. Since the coupling transistor does not require an additional biasing
current, power consumption is reduced in this topology. The phase error is almost independent
of coupling strength ag . In fact, phase error of the TS-QVCO acts like a design constant
dependent on the actual amount of mismatch between ideally identical components. When
both TS-QVCO and P-QVCO are designed to have the same coupling strength, center

frequency, and power consumption, it follows that the former has lower phase noise response.
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Fig. 3-2 Schematic of the conventional top series-coupled QVCO (TS-QVCO)
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Fig. 3-3 Schematic of the conventional bottom series-coupled QVCO (BS-QVCO)
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The major problem with this architecture is that the coupling transistors have to be about five
times larger than the negative resistance transistors [24], thus loading the oscillator with large
parasitic capacitances that reduce the tuning range, making this solution unsuitable for high
frequency and wideband application.

There is an alternative way to achieve series coupling, as shown in Fig. 3 - 3, known as
the Bottom Series (BS) QVCO [25]. In this configuration the coupling transistor is placed at
the bottom of the switching transistor. As for the TS-QVCO, the phase error is almost
independent of coupling strength ag. When both BS-QVCO and P-QVCO display the same
phase-error and have the same center frequency and power consumption, BS-QVCO has a
higher figure of merit (FOM). However, to compare with TS-QVCO, BS-QVCO has a higher

FOM but also a higher phase error than TS-QVCO.

g Vetrl g % Vetrl %
I+ o— —o I- Q+o—: '._0 Q-
Q+-|I:M5 M6:||—Q' l-—||:M7 Ms$ :"— I+

e

M1 M2

Fig. 3-4 Schematic of the conventional middle series-coupled QVCO (MS-QVCO)
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Another alternative topology of series connection is the Middle Series (MS) QVCO [25],
which is basically an improved TS-QVCO, as shown in Fig. 3 - 4. This topology has a higher
Figure of Merit (FOM) than the other three topologies, but a phase error which is between that
of the TS-QVCO and the BS-QVCO. It features very low phase noise especially at a low
frequency offset [24].

In modern submicron CMOS processes, the flicker noise (1/f noise) is a significant noise
source and is a critical issue in VCO design. As reported in [26]-[30], shown in Fig. 3 - 5, that
periodically switching a MOS transistor between "on" and "off" states results in a significant
reduction of the flicker noise. It was also revealed that the switching of the tail current source
by applying a sine or square wave can reduce 1/f noise itself. Oscillator circuits are suitable
for applying a switched biasing technigue. in ‘that they can use an oscillation waveform by
itself for the switching of the tail current source, as shown in Fig. 3 - 6.

Generally, it has been known that flicker noise is generated by the carrier trapping in
localized oxide states [27]. Switching-a MOS transistor will force the release of captured
electrons or holes from a trap." The higher the frequency of a switching waveform is, the
smaller the flicker noise will be. According to [27], the phase noise characteristic of an
oscillator with switching bias has been reported to be reduced by 8 dB compared with a fixed
bias. Furthermore, using switching bias can also reduce the power consumption.

I, +1

Noise

Fig. 3-5 Varying Vgs cycles a MOS transistor between "on™ and "off"
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Fig. 3-6 Schematic of the conventional self-switching biased QVCO

The circuit we proposed: in:this chapterusing-a novel low noise capacitor-coupling
method to perform injection ‘locking, and therefore quadrature signals at the output can be
obtained. Moreover, this novel low.noise capacitor-coupling CR-QVCO topology adopts a
self-switching bias and a tail current-shaping technique to suppress the 1/f noise from a tail
current source. By using these large signal sine-wave outputs to make the tail-current
transistors self-switching, the advantage of lower phase noise and lower power consumption
can be simultaneously achieved. The proposed QVCO has four states of oscillating behavior,
and it is a novel QVCO topology in comparison with the above-mentioned QVCOs. The

circuit design consideration will be discussed in next section.
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3.2 Circuit Design Consideration
The schematic of the proposed self-switching biased current reused quadrature VCO
(CR-QVCO) is shown in Fig. 3 - 7. In this novel CR-QVCO topology, three mechanisms are

incorporated to improve the phase noise :

I. A novel low noise capacitor-coupling technique was adopted to generate quadrature
signals. As highlighted in Fig. 3 - 8, the outputs are injected to the source node of the
cross coupled transistors through four noiseless components, capacitors. Consequently,

there were no extra noise source incorporated in order to generate quadrature signals.

VDD
M7:II— —||: M8
™| Tt
I:MS M6 ':I
[+ o 0 O+
Vetrl = = Vetrl
I- o Q-
I: M1 M2 :I
™ =T
M3 j - ——II:M4

Fig. 3-7 Schematic of the proposed self-switching biased QvVCO
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Fig. 3-8 Novel injection method of the proposed-self-switching biased QVCO

By using the self-switching bias and tail current shaping technique, we can decrease the
active time of the noise source, i.e., the tail current source, to reduce the oscillator phase
noise. In addition, it also has benefit of saving power since each of the tail current
transistors, which has about 50% on-off operation of duty cycle, needs only half of the dc
power consumption as compare to the constant dc bias counterpart. Note that in the
proposed self-switching biased CR-QVCO, only one switching transistor were used in
each tail current source, rather than the dual-switching-transistor topology shown in Fig.
3 - 6. Consequently, the proposed self-switching biased current reused QVCO can further
reduce the power consumption by combining the single switching-tail-current topology
and the current-reused topology. Moreover, switching a MOS transistor will force the
release of captured electrons or holes from a trap, and hence the tail current transistors

with less flicker noise were obtained.
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[1l. Using a novel CR-QVCO topology with the alternatively turn-on mechanism between
tail current transistors and cross-coupled switching transistors. As shown from Fig. 3 -9
to Fig. 3 - 12, the proposed CR-QVCO has four states during an oscillation period. In
each state, the cross coupled transistor and tail current transistor, for example, M1 and
M3, would never turn on simultaneously. There is no dc conducting path from VDD to
ground and only the ac conducting path exists. Note that the conventional
complementary CR-QVCO as we proposed in Chapter 2, shown in Fig. 2 - 9, has two
half-period (In which, the first half-period is that all the transistors turn on ,and a dc
conducting path from VDD to ground was established. The second half-period then
becomes that all the transistors turn 'off).. Thanks to this alternatively turn-on mechanism,
the noise current generated by the tail current transistors would be blocked, and high

spectral-purity output can be obtained.

Fig. 3 - 13 and Fig. 3 - 14, in which the definitions of current-flow were marked in Fig. 3
- 15, shows the simulated currents in the ‘current-limited regime and voltage-limited regime,
respectively. Fig. 3 - 13 and Fig. 3 - 14 also give a clear illustration about the behavior of

alternatively turn-on mechanism.
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Fig. 3- 10 State-2 of the proposed self-switching biased QVCO
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Fig. 3- 12 State-4 of the proposed self-switching biased QVCO
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Fig. 3-14 Simulated currents in the voltage-limited regime
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Fig. 3-15 The definitions of current-flow used in Fig. 3 - 13 and Fig. 3 - 14
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3.3 Chip Layout and Simulation Results

The circuit was simulated and optimized using Agilent ADS. The design procedure can
be divided in two steps. First, a small signal analysis was used to optimize the feedback and
the resonator elements to find the oscillation condition at the target frequency. This condition
was simulated breaking the feedback path. In the second step, a large signal analysis was
performed with the harmonic balance simulator to predict the exact oscillation frequency and
output power of the fundamental signal as well as the harmonic signals.

Fig. 3 - 16 shows the chip layout photograph of the proposed modified STM current
reused QVCO, which is designed and implemented in TSMC 0.18um mixed-signal/RF
CMOS 1P6M technology. The chip.size-is 1.100 x 10.841 mm? including all pads and bypass

capacitances. Each buffer of the QVCO- outputs were designed as a common-source amplifier.

Fig. 3-16 Chip layout of the proposed self-switching biased QVCO
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Fig. 3-17 Simulated phase noise of the proposed self-switching biased QVCO
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Fig. 3-18 Simulated tuning range of the proposed self-switching biased QVCO
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The simulated phase noise and tuning range of the proposed modified STM QVCO are
shown in Fig. 3 - 17and Fig. 3 - 18,respectively. Table 3 - 1 summarizes the simulated results
of the proposed modified STM QVCO in each corner. The figure of merits (FOM) for
oscillators summarizes the important performance parameters, i.e., phase noise and power

consumption P, to make a fair comparison is defined in [40] as

Ao

P
FOM =L(A 201 10log(——
(Aw)+ og[ ]+ Og(lmW)

Wo
where the second term is to neutralize the effect of offset in L(Aw®) while taking the center
frequency into account. The power consumption is calculated as dBm such that the unit of

FOM remains the same as that of L(A).

Table 3-1 Simulated results of the proposed modified STM-QVCO

Corner SS TT FF SF FS
Tuning 4.64-5.11 4.84-5.32 5.07-5.58 4.84-5.33 4.85-5.33
Range

Phase -126.295 -125.750 -124.371 -125.841 -125.442
Noise

Supply 1.5 1.35 1.15 1.35 1.35
\oltage

ID 1.97 1.98 1.6 2.11 1.89
Core 2.95 2.67 1.84 2.84 2.55
Power

FOM -194.93 -195.18 -195.82 -195.00 -195.07
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3.4 Measurement Results and Discussion

3.4.1 Measurement Consideration

The proposed QVCO are designed for on-wafer testing, and the DC voltage are supplied
by two sets of six-pin probe, so that the distance between each DC pad must more than 50um
to satisfy the probe testing rules. The output buffer of each quadrature output is designed
using common-source amplifier, and the drain end of each buffer is connected to the RF pad.
For measurement, we connect four bias-tee terminals to the corresponding RF pads as shown

in Fig. 3 - 19.

—— VDD

e ]
Bias-Tee

oVout

-

Fig. 3-19 Bias-Tee Model

The phase noise, tuning range, output spectrum and output waveform are measured using
signal source analyzer (Agilent E5052B) and digital signal analyzer (Agilent DSA91204A)

shown in Fig. 3 - 20 and Fig. 3 - 21, respectively.
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Fig. 3-21 Digital Signal Analyzer (Agilent DSA91204A)
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Fig. 3-22 Chip photo of the proposed self-switching biased CR-QVCO

The Chip photo of the proposed self-switching biased CR-QVCO is shown in Fig. 3 - 22.
Fig. 3 - 23 and Fig. 3 - 24 shows the arrangement of DC and RF probes. The measured phase
noise at 4.83GHz, measured phase noise at 5.3GHz, output spectrum, tuning range, and
output waveform was shown in Fig. 3 - 25 to Fig. 3 - 29, respectively. Table 3 - 2 summarizes

the measured performance of the proposed self-switching biased CR-QVCO.
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Fig. 3-24 Photograph of the probe station
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Fig. 3-26 Measured phase noise of the proposed self-switching biased QVCO at f,= 5.29GHz
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Fig. 3-28 Measured tuning range of the proposed self-switching biased QVCO
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Fig. 3-29 Measured output waveform of the proposed self-switching biased QVCO
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Table 3-2

Comparison of QVCO Performance

Technolog Tuning Phase Supply Core FOM
y Range Noise \oltage | Power
Thiswork | 0.18um 4.84-5.17 | -117.4 1.3V 5.04mW | -184.07
(Chapter 2) | CMOS GHz dBc/Hz@
1MHz
Thiswork | 0.18um 4.83-5.30 -125.8 1.3V 3.64mW | -193.87
(Chapter 3) | CMOS GHz dBc/Hz@
1MHz
[7] 0.18um 4.39-5.26 | -113.65 1.8V | 6.3mW | -180.0
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
[8] 0.18um 5.50-6.10 | -115 1.8V 1.84mW | -182.2
MWCL, CMOS GHz dBce/Hz@
2005 1MHz
[42] 0.18um 2.05247 | -117 1.8V 2.84mW | -184
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
[43] 0.18um 438-471 | -120.8 1.1V | 2.55mW | -189.61
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
[9] 0.18um 1.83-2.02 | -124 1.25V | 2.2mW | -186.7
MWCL, CMOS GHz dBc/Hz@
2007 1MHz
[17] 0.18um 3.01-3.49 | -133 1.5V | 81mW | -1935
MWCL, CMOS GHz dBc/Hz@
2009 1MHz
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Chapter 4

Conclusion and Future Work

4.1 Conclusion

In chapter 2, we proposed a new architectures for low phase noise current-reused QVCO :
current-reused quadrature VCO with modified spontaneous transconductance match
(M-STM). Adopting the M-STM technique reduce-the amplitude imbalanced ratio. The
measured results reveal that the tuning range is between4.84 - 5.17 GHz, the phase noise is
-117.4 dBc/Hz at 1MHz offset, and the power consumption is 5.04mW under 1.3V supply
voltage.

In Chapter 3, we proposed another new architecture for low phase noise current-reused
QVCO : current-reused low phase noise quadrature VCO with self-switching bias. Three
mechanisms are incorporated to improve the phase noise :

1. Anovel low noise capacitor-coupling technique
2. By using the self-switching bias and tail current shaping technique
3. Using a novel CR-QVCO topology with the alternatively turn-on mechanism
between tail current transistors and cross-coupled switching transistors.
The measured results reveal that the tuning range is between 4.83-5.30 GHz, the phase noise
is -125.8 dBc/Hz at 1MHz offset, and the power consumption is 3.64 mW under 1.3V supply
voltage.

Finally, we introduce a wideband CMOS down-converting mixer for W-band receiver
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application in the appendix. This mixer has the RF frequency chosen to be 8.7 - 17.4GHz, LO
frequency fix at 17.5GHz, and IF frequency close to 0.1 - 8.8GHz. In order to reduce the
difficulty in designing the corresponding LO module, another mixer with the integrated LO

frequency doubler has also been proposed in the appendix.

4.2 Future Work

Although The main purpose of this thesis focus on the study of the low phase noise
current reused quadrature VCOs, | also started the study of the PLLs, frequency synthesizers,
and switching power supply. All of these analog and mixed signal circuit will be my future

research topics.
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Appendix A

Wideband CMOS Down-Converting Mixer for

W-Band Receiver

A.l1 Introduction

Mixers are key components of an RF front-end, translating the IF signal to a carrier
frequency for transmission and from RF carrier -back down to IF for detection. Mixer
essentially modulations either-the transconductance of -an amplifier or the resistance of a
switch to produce the mixing action through time-varying mechanism. Although there are

many topologies of mixers (single-balanced ~ double-balanced...etc.), the double-balanced

vDD

R, R,
o Vi o
o—
R

fl
I——l

> Vio
O
M, M, |
Ve LJ—|
O

Fig. A-1 Conventional double balanced mixer
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circuit configuration have been readily appearing in microwave and millimeter wave
applications for its good isolations.

For example, as indicated in Fig. A - 1, the schematic is a typical double balanced mixer.
In order to enhance the conversion gain, it is perhaps to use large R.. However, as R.
increasing, the voltage drop between R will also increasing, therefore minimizing the output
swing. Increasing the power supply Vpp is a solution but it will consume more power. An
alternative solution is externally injecting current by using the two current sources as
indicated in Fig. A - 2, However, this solution can't be applied at tens of GHz, since the
current source are usually made of p-type transistor, the output impedance of the current
source tend to decrease at high frequency and thus deteriorated the mixer's performance at the

high frequency.

Fig. A-2 Conventional double balanced mixer with gain-enhancement

So far, most of the mixers with normal-biased transistors, as contrast to resistors with no
drain to source bias, have their wideband proclamation illustrated by shifting the LO across

the intended RF bandwidth, while keeping the IF wideband comparatively small, i.e.,
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wideband RF-bandwidth but narrow IF-bandwidth. With an IF bandwidth of hundreds of
MHz, a large output signal voltage can be easily achieved by replacing each R, in Fig. A-2
with an appropriate p-type transistor as a active load, for which is capable of providing a large

impedance at low frequency. However, when the IF bandwidth is extended to several GHz,

cryogenic mixer

e E} >®< 78.3GHz
78.3 - 113.1GHz (9f0)

(O S0 —13/10) v
DC—Af:,

power divider ;

band 1 and band 2 v v
v Y YV Y

Fig. A-3 Schematic of the wideband receiver

-77 -



the rapidly decreasing impedance of this active p-type load become a liability, as it leads to a
large variation of the conversion gain over the intended bandwidth: extremely high impedance
at the low-end of the IF frequency range while at high-end it is mediocre or no better than that
of mixers using R,.

Fig. A - 3 is the schematic of a millimeter-wave receiver which will be used in the form
of array for determination of the anisotropy of the cosmic microwave background radiation,
and it demands the employment of several wide IF bandwidth mixers. The incoming signal is
first fed into two cascade cryogenic amplifier modules with each has 70.90 Kelvin noise
temperature and 20dB gain at 20Kelvin ambience. To ensure stability, cryogenic isolators
have been incorporated into these amplifiers. The cryogenic WiseWave-FDB1001 mixer made
by WiseWave Technologies (now Ducomun Technologies) is then used to down-convert, with
5.7dB conversion loss, the signal to DC - 4f o GHz. Of course, it is possible using a
room-temperature mixer instead; but that will require the precision insertion of a
hermetically-sealed millimeter-wave waveguide between the front-end cryogenic amplifier
and this room-temperature mixer, and the attenuation along this long waveguide will also
pronounced. Four separate bands can now be extracted by the use of amplifiers, filters, and
another three mixers, each with 8.7GHz IF bandwidth and the LO frequency is fixed at
17.4GHz, 17.4GHz and 26.1GHz,respectively. The reason for not using an 8.7GHz LO for
down-converting in the second band is because this LO is bordering the IF band, thus any

residual LO at IF output is hard to remove; by contrast, a 17.4GHz will not have this problem.
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A.2 Wide-1F-Bandwidth Mixer Design

This chapter is focus on the band 2 mixer of the proposed wideband receiver. As shown
in Fig. A - 4, the proposed mixer is a fundamental mixer for lower sideband operation, and it

can be divided into three parts: input RF circuit, mixing core, and output IF circuit.

VC

Vio-o

VDD VDD VDD
T £
E_I_{ Vioig ; — ] |
g iy
- B % T % =
% Vo Vo Ve T v b2 Vo

Vo L.

ﬁ_r{ Vioo
Q—\_ﬁ%ﬂvlngmn
Vio

Fig. A-4 Schematic of the wide-IF-bandwidth mixer

A.2.1 Input RF circuit

The input RF circuit starts with a inductively source-degenerated common-source
amplifier, as shown in Fig. A-5. In order to have better LO-IF isolation, the mixer will be
designed in double-balanced Gilbert Cell topology, which requires differential RF signals and
LO signals. While there are many circuit configurations available for converting the
single-ended signal to differential signals, we adopt a distributed Marchand balun, as shown

in Fig. A- 6 and Fig. A - 7, in our design [37],[38]. Distributed Marchand balun made of
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Fig. A-5 Schematic of the input RF circuit

coupled lines has been proved-application at much higher frequency [39]. Prior to the design
of the Marchand balun, accuracy of electromagnetic simulation needs to be confirmed. Fig. A
-8, Fig. A-9, Fig. A-10 and-Fig. A-11 shows the simulated magnitude error, phase error,
insertion loss and return loss of the RF-Marchand balun, respectively. The proposed Marchand
balun has 0.31dB of magnitude difference and 2.42 degree of phase difference.

The balanced signals out of the balun are fed to the transconductance stage. By
fine-tuning the source LC of the RF differential pair, any residual common-mode signals, due
to the poor out-band performance of the balun, can be suppressed while the differential-mode
signal can still be amplified. That is, the transconductance stage follow by the balun has good

common-mode rejection ration (CMRR) for the RF signals.
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Fig. A- 6 \ertical view of the'Marchand balun [37], [38]

Fig. A-7 Lateral view of the Marchand balun [37], [38]
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Magnitude Error (dB)
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Fig. A- 8 Simulated-magnitude error of the Marchand balun

Phase Error (Degree)
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Fig. A-9 Simulated phase error of the Marchand balun
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Fig. A- 10 Simulatedinsertion loss of the Marchand balun
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Simulated return loss of the Marchand balun
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A.2.2 Mixer core circuit

In order to achieve the high linearity purpose, the four transistors of the double-balanced
Gilbert cell mixer were biased as variable resistors where the resistance is modulated by LO
signal, as shown in Fig. A-12. As a result of the less frequency-dependent property of the
resistivity transistor, this mixer is expected to be wideband. Although a much larger
conversion gain can be achieved by means of non-zero drain bias, it has the drawback of
larger variation of conversion gain over the 8.7GHz IF bandwidth. Resistive mixer, on the

other hand, tends to have more flat conversion gain.

— | | —
II " » L
Vio. 180
—_— H ° — —

Vio o M
Vg Ve

Fig. A- 12 Schematic of the mixer core
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A.2.3 Output IF circuit

It goes without saying that the output IF circuit also needs to have a high common-mode
rejection ratio (CMRR) over entire IF bandwidth, i.e. DC-8.7GHz. Although the distributed
Marchand balun is adopted in the input RF circuit, it will occupy too much chip area for low
frequency application. Consequently, we use a differential-pair followed by two n-type
transistors in-cascade [35], [36], as shown in Fig. A - 13. The differential-pair with LC-tank
using here not only provide the conversion gain ,but also improve the CMRR, as shown in Fig.

A-14.

VDD VDD

[ ]
=
AL

Ve Vg

Fig. A- 13 Schematic of the output IF circuit
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Fig. A-14 CMRR of the output IF circuit
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A.3 Simulation and Measurement Results

=y
ot
i

Fig. A- 15 Chip layout of the proposed wide-IF band mixer

Fig. A - 15 shows the chip layout photograph of the proposed wide-IF band mixer, which
is designed and implemented in TSMC 0.18um mixed-signal/RF CMOS 1P6M technology.
The chip size is 1.023 x 1.100 mm? including all pads and bypass capacitances. The power

consumption is 33.5mW. Fig. A - 16 is the chip photograph of the proposed wide-IF band
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mixer. We deliver on-wafer measurement in National Chip Implementation Center (CIC),
which provides probe stations, network analyzers (HP8510C), spectrum analyzers (Agilent
E4407B), signal generators, and power supplies. Fig. A - 17 and Fig. A - 18 shows the
arrangement of DC and RF probes, one 6-pin DC probe and three 3-pin RF probes with pitch
100um.

As shown in Fig. A - 20, the simulated and measured RF port return loss are below -8 dB

in 8.7-17.4 GHz. The simulated and measured IF port return loss are less than -17 dB in

g
E
=
B

Fig. A- 16 Chip photo of the proposed wide-1F band mixer
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Fig. A-17 Arrangement of DC and RF probes

\

Fig. A- 18 Photograph of the probe station
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DC-8.7 GHz, as shown in Fig. A - 21.

Fig. A - 22 shows the simulated and measured conversion gain. The simulated result
exhibits an average 8 dB conversion gain, and gain variation less than 2 dB within the
intended RF bandwidth. Due to the poor input matching, the conversion gain will degrade 2-3
dB. The measured conversion gain decrease 3 dB at the higher end and 5 dB at the lower end
of RF bandwidth. The comparison of simulated and measured results is shown in Table A- 1.

The discrepancy between them appears on the conversion gain, and we consider that it is
due to the performance decay of the Marchand balun mainly cause by the unsymmetric

grounding path.

Fig. A- 19 Photograph of the measurement environment in Chip Implementation Center
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Fig. A- 20 RF port return loss for RF signal from 8.7-17.4 GHz

—i— Measurement
—&— Simulation

0 2 4 6 8 10 12 14 16 18 20

Frequency (GHz)

Fig. A-21 IF port return loss for IF equals to DC-8.7 GHz
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Fig. A-22 Conversion gain versus RF frequency with LO fixed at 17.4 GHz

Table A-1 Comparison of the simulated and measurement results

Simulation Measurement
Technology 0.18um CMOS 0.18um CMOS
RF Bandwidth 8.7-17.4 GHz 8.7-17.4 GHz
IF Bandwidth DC - 8.7 GHz DC - 8.7 GHz
RF input Return Loss <-10dB <-8dB
IF input Return Loss <-20dB <-17dB
Supply Woltage 1.8V 1.8V
Power Dissipation 31mwW 33.5mwW

-92 -



A.4 Conclusion and Future Work

In order to reduce the difficulty in designing the corresponding LO module, another
mixer with the integrated LO frequency doubler has also been proposed. The schematic of the
frequency doubler is shown in Fig. A - 23. We also incorporate a constant-gn bias circuit, as
shown in Fig. A - 24, to generate the biasing voltage. The chip layout of the proposed wide-IF
band mixer with LO-doubler is shown in Fig. A - 25. The chip size is 1.400 x 1.100 mm?

including all pads and bypass capacitances.

VDD VDD

I Output

L00+—| I_LOO- 4' |:

Fig. A-23 Schematic of the frequency doubler
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Fig. A-24 Schematic-of the constant-gn, bias circuit

Fig. A- 25 Chip Layout of the proposed wide-IF band mixer with LO frequency doubler
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