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Abstract

Pipelined analog-to-digital - converters™ (ADCs) have intrinsic high-speed
characteristics and are commonly “used=in wideband communication and video
systems. However, with the higher resolution and throughput rate the power
consumption and the required area are getting larger. Therefore, the double-sampling
technique provides a method applied to the pipelined ADC to duplicate the sampling
rate without consuming two times of power and area.

The 10-bit 200MS/s double-sampling pipelined analog-to-digital converter was
simulated by TSMC 0.18um 1P6M CMOS process. It consists of one front-end SHA,
eight cascaded 1.5-bit stages, and a final 2-bit flash converter in the last stage. All
analog circuits are fully differential with a 2Vpp input signal and 1.8V power supply.
The operation amplifier in each stage is shared between the two paths and active for
one of both paths alternately. Not only the operation amplifier in each stage is shared,
but sub-ADC is common to both paths. As a result, it makes sampling more efficient
and increases the throughput rate of the pipelined ADC.

The 10-bit 200MS/s double-sampling pipelined analog-to-digital converter was
finally implemented by TSMC 0.18um 1P6M CMOS process. The pipelined ADC



dissipates 103mW at a 100MHz clock rate and a 200MS/s sampling rate with 1.8V
supply voltage. The chip area is 1.134*1.380 mm?’. The simulated differential
nonlinearity (DNL) and integral nonlinearity (INL) are £0.75 LSB and +0.95 LSB,
respectively. And the peak SNDR about 56dB for an input signal of 1MHz sine wave.
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Chapter 1

Introduction

1.1 Motivation for the Thesis

Data converters are dominant in modern data and communication systems where
increasingly complex processing of analog signals is performed digitally. To achieve
the more effective performance, signal processing trends to digital domain. As the
result of low power consumption and cost reduction, digital signal processing (DSP)
is becoming more and more important. However, in many applications the input and
output signals of the system are ihherently analog, but the signal processing in the
system is digital. Therefore, analog.to digital.converters (ADC) and digital to analog
converters (DAC) are the necessary int€ifaces-in the'system. These interfaces achieve
the digitization of the received waveform subject to a sampling rate requirement of the
system and transform to analog signal in the output after signal processing. However
perfect the digital or analog circuits in the system design, they actually need better

data converters to perform much well.

There are many applications for the data converters, such as High-Definition
Television (HDTV), Multimedia, Software Radio Receivers, Wireless
communications, Radar Systems, and Cable Modems. In order to make the system
more accurate, reliable, storable, higher yields, the interface using ADCs has become

a key component and plays an important role in the system.

In wireless communication systems the trend to boost data rates is based on

1



employing wider bandwidths and a higher signal-to-noise ratio. High data rates imply
wide bandwidths, while a continuous growing complexity of the modulation schemes
and the desire for more flexible receivers push the boundary between analog and
digital signal processing closer to the antenna. Because of these trends, there is an
urgent need for data converters with increasing conversion rates and resolution. At the
same time, the increasing integration level leads to systems with a smaller number of
chips, the ultimate goal being a single chip solution, the system on a chip (SoC). Data
converters are inherently mixed signal circuits and face the challenges on a small

scale.

The main challenges in data converter design are decreasing supply voltage, short
channel effects in MOS devices, mixed signal issues, the development of design and
simulation tools, and testability=In.analog to digital converters, they need to be met at
the same time as the requirements for-thesampling linearity, conversion rate,

resolution, and power consumption are-being tougher.

In mixed signal-model ADC interfaces, there is some architecture for several
kinds of application. For high speed application, flash and folding ADC architectures
are useful. For higher resolution sigma-delta architectures is suitable but it is useful in
lower sampling rate, whereas pipeline architecture has been widely employed as it

properly manages the trade-off between high conversion rate and resolution.

In this research an attempt has been made to design a 10-bit 200MS/s pipelined
ADC with reduced power dissipation by using double sampling technique. The
pipelined ADC has been implemented with a standard TSMC 0.18um CMOS 1P6M
process. Here the double sampling technique is used in the front-end of

2



sample-and-hold amplifier (SHA) and the subsequent stages. Two sets of capacitors
are used to sample and hold the signal alternately in two non-overlap phases. Two
parallel paths provided by the sets of capacitors introduce parallelism and increases

the speed of conversion.

1.2 Thesis Organization

This thesis is organized into six chapters.

Chapter 1 briefly introduces the motivation of the thesis.

Chapter 2 describes the concepts of analog-to=digital conversion and performance
parameters used to characterize. . ADCs. Then, 'several ADC architectures are

introduced and the evolution of the pipelined- ADC ispresented.

Chapter 3 concentrates on the characteristics of the pipelined ADC. The
nonlinearity of components is also need to take into account. Finally, the technique of
double sampling is introduced, and it will apply to our design in order to speed the

throughput rate of the pipelined ADC.

Chapter 4 illustrates the design and implementation of the double-sampling
pipelined ADC. Circuit designs and the behavior model of the key blocks will be
introduced in detail. Among them are the operational amplifier, the common mode
feedback, the comparator, the bootstrapped switch, the sample-and-hold amplifier
(SHA), the 1.5-bit architecture, and the 2-bit flash converter. Then, the transistor level
simulated results of each circuit are presented. Finally, the simulation of the whole

3



pipelined ADC and its layout and floor plan are presented.

Chapter 5 presents the testing environment, including the component circuits on
the DUT (device under test) board and the instruments. Then, the double-sampling
pipelined ADC described in Chapter 4 is fabricated in a standard TSMC 0.18um

CMOS Mixed-Signal process and the measured results of this chip are summarized.

Finally, Chapter 6 is the conclusions of this work. Some suggestions and improved

recommendations are proposed for the future work.



Chapter 2

Fundamentals of Analog-to-Digital
Converter

2.1 Introduction

An analog-to-digital converter quantizes an analog signal into digital code at
discrete time points. The performance of A/D converters depends on static
specifications and dynamic specifications. This chapter first introduces the concept of
the analog-to-digital converters and presents the static and dynamic performance
parameters for A/D converters. Sécond, some-6f the.prominent ADC architectures are
introduced and the characteristics ‘of these ADCs are described. Third, the technique
of double sampling is discussed and the~behavior model of the pipelined A/D

converter with the double sampling technique 1s established by simulink.

2.2 The Concept and Performance of A/D Converters

An analog to digital converter (ADC) is a device converting analog signals into
digital codes to link the real world and the digital systems. Figure 2.1 shows a block
diagram of a traditional A/D converter at Nyquist rate. A low pass filter called an
anti-aliasing filter is necessary to avoid the aliasing of higher frequency signals back
into the baseband of ADC. The low pass filter is followed by a sample-and-hold
amplifier (SHA) that maintains the signal in discrete time. The conversion is

accomplished by a quantizer that segments the reference into subranges. Typically,



there are 2" subranges, where N is the number of digital output codes. Finally, the
digital encoder is allowed to encode the corresponding digital bits according to the

reference of subranges.

- AD ~_
XM, Xi(t) Xsu(t) Xo) | mimcent | Xn
Low Passt | S&H [——wQuantizer—— PiOItal |,
ncoder Binary Number
*0 a 10001000111...
JL‘ h > T\ m ."'I‘II > I':I'-';""'II".I".-'E'E""; Quant. noise
“n T b fs % b fs s

Figure 2.1 block diagram of an ADC

The frequency response of the ADCris also illustrated in Figure 2.1. At first we
define the bandwidth of the signal, fb, and the sampling frequency, fs. The spectrum
of the input signal is aliased at the sampling‘frequency. If the bandwidth of the signal,
fb, is above 1/2fs, the spectrum of the'signal will overlap with that of its image. It will
result in the unrecoverable area around the frequency 1/2fs. This concept is
formalized in the Nyquist rate, which states that the sampling frequency must be at
least twice the bandwidth of the signal in order for the signal to be recovered from the
samples. The types of ADCs operate in the concept of the Nyquist rate are called

Nyquist analog-to-digital converters. [01]

Figure 2.2 illustrates the ideal conversion characteristic of a 4-bit ADC. The

transition voltage can be written as

V, =—g-n, ne{0,12,.,2" -1}, 2.1)



where N and V. represent the bit numbers and the applied reference voltage
respectively. The quantization step (Visp) is the difference of two transition voltages

and it can be written as

Vref
M (2.2)

LSB — AN
2

V
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Figure 2.2 Ideal conversion characteristic of a 4-bit ADC

2.2.1  Static Specifications

The static error of an A/D converter is based on the input-output characteristics
shown below. Static parameters are directly related with a comparison between the
ideal and the expected conversion characteristics. These static characteristics that
define the static performance of A/D converters are offset error, gain error, integral
nonlinearity (INL), and differential nonlinearity (DNL). These errors will cause
inaccuracy output digital codes converted by the ADC. As in most applications these

errors really impact the performance of ADC, some of calibration techniques have



been proposed. We will discuss some calibration methods applying in the A/D

converter later.

2.2.1.1 Offset Error

The offset error is the deviation between the ideal transition voltage and the actual
transition voltage relatively to the quantization step, Visg. For an ADC with offset
error, the ideal characteristic line is shifted horizontally. Offset error is illustrated in

Figure 2.3.

Digital
Outputa
1M1 |
110 |
101 |
1004 Vi Actual case
011 | Offse/t/efror ' Ideal case
010 |
o1 |
000 ‘ . . Analog Input
Vu Ve Vo Vi Vis Vi Vg Voltage

Figure 2.3 illustrates Offset Error.

2.2.1.2 Gain Error

The gain error can be defined as the ratio between the slopes of the actual and
other the ideal straight lines defined using the two endpoints of both conversion
characteristics. Gain error can be measured as the horizontal difference in LSBs

between actual and ideal finite resolution characteristics at highest digital code. Gain



error is illustrated in Figure 2.4. [02]
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Figure 2.4 Illustrates Gain Error
2.2.1.3 Differential Non-Linearity Error (DNL)

Differential non-linearity error is-defined‘as the- difference between two adjacent
analog signal values compared to the step size of converter generated by transitions
between adjacent pairs of digital code numbers over the whole range of the converter.

In other words, DNL is the value compared the actual step size with the ideal step size

\Y
voltage (1ILSB = Zr;f ). To achieve a maximum DNL error of + 0.5 LSB defined at the

resolution level of the ADC (N-bit) , the transition voltages should be within 0.5 to 1.5

LSB at N-bit level.

If the maximum DNL error is larger than -1 LSB at N-bit level, it is guaranteed
that the ADC is monotonic, which means that the digital output always increases or is
kept constant as the input increases. If DNL error is larger or equal to 1 LSB, it

guarantees a non-monotonic transfer function with more missing codes.



DNL error is defined as follows:

_Vt(n),actual
1LSB

—-1LSB

\Y,
DNL (n) _ t(n+1),actual (23)

2.2.1.4 Integral Non-Linearity Error (INL)

INL error is defined as the deviation of the output code of a converter from the
straight line drawn through zero and full-scale excluding a possible zero offset. The
integral non-linearity error (INL) should not deviate more than *1/2 LSB of the
straight line drawn. INL is also specified after the static gain error has been removed.

It is defined as follows:

v, -~V
. (n)actual t(n),ideal
INL(n)= s . 2.4)

Figure 2.5 displays examples of DNL-and INL errors in 3-bit ADC . [02] [03]
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001 | _/
000 L/ NDNL+1LSB, |, |, | | > Analog Input
I I I

VM V12 V13 V14 V15 V16 VW Vref VOItage

N

Figure 2.5 DNL and INL errors in a 3-bit ADC
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2.2.2 Dynamic Specifications

Dynamic performance parameters depend on the resolution, the sampling
frequency and the input signal frequency of an A/D converter and include information
about dynamic linearity, distortion, sampling time uncertainty, noise and settling time
errors. The most commonly analysis are related to the spectrum of the output signal.
With the input of full-scale sine wave, the resulting spectral analysis is rich in

information about the dynamic behavior of the ADC.
2.2.2.1 Signal-to-Noise Ratio (SNR)

The signal-to-noise ratio =(SNR) is the ratio between the signal power,
corresponding to the maximum amplitude-of.the signal component, and the noise
power present at the output of ADC.The SNR"includes the quantization noise and

other circuits noise excluding any harmonic component of the input signal.

Assuming that the quantization error of an ADC is evenly distributed, the rms

value of the generated noise signal, Voums) ,1s given by

— VLSB

VQ(rmS) - ﬁ

(2.5)

where Vi gp is the quantization step, and N is the resolution of the ADC. Assuming Vi,
is a sinusoidal waveform between 0 and V..t , and considering only the ac power of

the signal, the SNR is given by

11



v, V. /242
SNR =20log| =™ | =20log| ——— | =20log \E oM
Voms) Vi /12 2 (2.6)

=6.02N +1.76 dB

2.2.2.2 Signal-to-Noise and Distortion Ratio (SNDR)

Signal-to-Noise and Distortion Ratio is defined as the ratio of the signal power to
the total noise power including all spurs and harmonics of the ADC. SNDR is
measured for a sinusoidal input and is normally represented as a function of the

frequency of the input signal. [04]
2.2.2.3 Spurious Free Dynamic,Range (SFDR)

The spurious free dynamic range 18 defined as the'ratio between the maximum rms
amplitude of the signal and the Tms value of the+largest distortion component in a
specified frequency range. SFDR indicates the usable dynamic range of an ADC,

beyond which a spectral analysis poses special detection and thresholding problems.

To get much more understanding between SNR, SNDR, and SFDR, we can realize
the difference between these parameters by the power spectrum illustrated in Figure.
2.6, where S is the fundamental of the input tones, D is the harmonic distortion
component, and N is the noise floor. The Spurious Free Dynamic Range (SFDR) is

depicted in Figure 2.6. SNR and SNDR are defined as

SNR:i SNDR = S
N N+D

2.7)

12
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Figure 2.6 the power spectrum with the fundamental and noise[05]

2.2.2.4 Effective Number of Bits (ENOB)

For actual ADCs, a specification often-used in place of the SNR or SNDR is
ENOB, which is a global indication of" ADC"accuracy at a specific input frequency

and sampling rate. ENOB can be defined as follows:

ENOB = NORZLT0 pyyg. (2.8)
6.02

2.2.2.5 Dynamic Range (DR)

Dynamic range (DR) is the input power range for which the signal-to-noise ratio
of the ADC is greater than 0 dB. The dynamic range of a converter is usually specified
as the ratio of the rms value of the maximum amplitude input sinusoidal signal to the
rms SNR measured when the same sinusoid is present at the output. The dynamic

range can be obtained by measuring the SNR as a function of the input power.
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2.2.2.6 Sampling-Time Uncertainty (Aperture jitter)

The aperture jitter comes from the fact that there is a random variation between
the clock signal and the effective holding time. For a sinusoidal waveform, the
sampling time uncertainty is less of a problem near the peak values. However, the
sampling time uncertainty will cause severe errors at the zero crossing where the

maximum rate of change occurs.

A ADC with a full-scale sinusoidal input is illustrated in Figure 2.7.

Sampling Pulse
&

Vi

Figure 2.7 the aperture jitter for full-scale sinusoidal input

For the continuous-time input X(t), the discrete-time output is generated through
the ADC which is controlled by the clock f.. Taking account of the aperture jitter At,

we can get

X(K)= X (KT, +At) T, ——— (2.9)

CLK

For a full-scale sinusoidal input with the frequency fi,, we can find that

X (t) = % A sin2r f, t) A =2"LSB (2.10)

14



At the zero corssing, we find that the aperture error voltage AV must be less than 1

LSB

AV ~ X At < A xzf xAt<1LSB 2.11)

dt

In consequence, we get the limit of the aperture jitter At for the N bit ADC as follows,
1

At <
2Nrf

(2.12)

In the other way, the signal-to-noise ratio (SNR) is limited by the aperture jitter.
Let X(t)= % A sin(27z f, t) and At be a random variable, then

X (k)= X (KT, +At) = % A sin2z T KT,) + % l_rs XAt

(2.13)
~ % A sin@r T KT +Ac T, cos(2r f, KT, ) x At

The total signal power and noise power can be calculated to be

Xz(k):éAés+%A§S7r2fiﬁxA_t2:PS+Pn (2.14)

By the equation (2.14), the signal-to-noise ratio of X(k) is

SNR = % =-20log(2r f, At

n

) dB (2.15)

rms

From the equation (2.15), it can be seen that SNR is independent of signal amplitude
and that it decrease as the signal frequency fi, and the rms value jitter At increases.

[01][06]
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2.3 ADC Architectures Overview

Architectures for realizing analog-to-digital converters can be divided into three
categories shown in Table 2.1 --- low-to-medium speed, medium speed, and high
speed. These different types of A/D converts are designed for several kinds of
applications, such as video systems, communication systems, and audio system, etc.
In this section, we will discuss some of the prominent A/D converters. In many
applications, it is necessary to have a smaller conversion time. Therefore, it has led to
the development of high-speed ADCs that use parallel techniques to achieve short
conversion times or increase the speed of the individual components in ADCs.
However, the high speed ADCs usually cannot be design for very high resolution, like
14-bit resolution or even more. The speed and resolution of A/D converter is a trade
off and it is difficult to design ADCs satisfying both demands at the same time.

Generally, the oversampling architecture-of-the ADC is adopted for high resolution

design.

Low-to-Medium Speed, | Medium Speed, High Speed,

High Resolution Medium Resolution Low-to-Medium
Resolution

Integrating Successive approximation | Flash

Oversampling Algorithmic Two-step
Interpolating
Folding
Pipelined
Time-interleaved

Table 2.1 Different A/D converter architectures [04]
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2.3.1 Flash ADC

Flash ADCs are the very-high-speed converters. The input signal in a flash is fed
to 2! comparators in parallel, as shown in Figure 2.8. For a N-bit flash converter,
It performs 2™-1 level quantization by dividing the full-scale reference voltage into 2"
segments. The reference voltages of the comparators are generated by using a resistor
ladder which is connected between the positive and the negative reference voltage:
+Vref and —Vref respectively. Each comparator is also connected to a different node of
a resistor string. Any comparator connected to a resistor string node where the
reference of each comparator is larger than the input signal will have a 1 output, while
those connected to nodes with less reference voltages than the input voltage will have
0 outputs. The set of 2"-1 comparator outputs is often referred to as thermometer code
and is converted to N-bit binary-word with a legic circuit. The input signal of the flash
ADC is directly connected to the inputs-of-the comparators, and all comparators
compare the input signal with +the. reference voltages in the resistor string
simultaneously. Thus the speed of the flash ADC is very fast and the speed is only
limited by the speed of the comparators. Therefore the flash ADC is capable of high

speed.

The flash ADCs are fast but they require a large number of comparators, which
typically take up a large area and consume much power. Both area and power become
isseues in the parallel ADC as the resolution increases. Therefore the flash ADC is not

suitable for high resolution application; typical resolutions are seven bits or below.

Besides, the bubble error is a serious problem. The outputs of the comparators

should be a thermometer code with a single transition. However, sometimes a lone 1

17



will occur within the strings of Os due to comparator metastability, noise, cross talk,
limited bandwidth, etc. To combat the bubble noise, one can widen the input of the
1-of-2" detector. For example, use three-input OR gate to detect the 011 transition in

the thermometer input. [04]
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Figure 2.8 N-bit Flash ADC

2.3.2 Two-Step ADC (or Subranging ADC)

In high speed applications, it is difficult to realize high-resolution flash ADCs
which have the exponential growth of size and power. In order to overcome these
drawbacks, two-step ADC has been proposed. The two-step ADC is demonstrated by

separating coarse and fine converters into two paths, as shown in Figure 2.9.
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The two-step ADC consists of an S/H circuit, a coarse flash ADC, a DAC, and a
fine ADC. The conversion takes two steps. First, the S/H circuit samples the input
signal and the M-bit MSB are generated through the coarse flash ADC. These M-bits
will correspond to output voltage of the DAC. Second, the output voltage is subtracted
from the former analog input voltage. The residue voltage is determined by the fine
flash ADC to get the N-bit LSB. Therefore, the M+N bits resolution is reached by

combining M-bit MSB and N-bit LSB.

vin e—— S/H

coarse!|
flash DAC

ADC

LSBs (N-bits)

MSBs, (M-bits)

Latch |

M+N bits digital
output

Figure 2.9 Two-step ADC

Compared with the flash ADC, the number of the comparators for the architecture
of the two-step ADC is reduced from 2"™-1 to 2M-1+2"-1. For example, to achieve
10-bit resolution, we can reduce the number of comparators from 1023 (in flash
architecture) to 62 (in two-step architecture). The area and power consumption is also

reduced greatly.

However, the two-step converter has a longer latency delay than the flash
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converter but it can allow for higher resolutions than the flash converter because of

reducing the number of comparators.

2.3.3 Pipelined ADC

In a pipeline A/D converter, the quantization is distributed along a pipelined signal
chain resulting in an effective architecture for high-resolution high-speed ADCs. By
the idea of the two-step architecture, it is spread to a multi-stage architecture to
construct the pipelined ADC. It has features that improve the throughput rate and
tolerance to comparator offsets. The block diagram of the pipelined ADC is shown in
Figure 2.10. It consists of M low-resolution stages and each stage generates k bit
output codes. Finally, the last pipelined stage 1s followed by a flash ADC providing p

bits. [07]

|
-

2 Residue |
Amplifier |

. g p-bit flash ADC

Input
4’@—» Stage| |—®» Stage2 [—P> - — StageM —P

Figure 2.10 m-bit/stage pipelined ADC

VYVY

The input signal is first sampled by the front-end S/H circuit and then the output is
delivered to Stage 1. For each stage, the input signal is the output of the previous
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stage except for the last stage. Each stage comprises a low-resolution sub-analog-to
digital converter (sub-ADC) and an arithmetic unit called the multiplying
digital-to-analog converter (MDAC) that performs a sample-and-hold (S/H) operation,
coarse D/A conversion, subtraction, and amplification. In operation, each stage
performs an A/D conversion of k bits, converts the digital output back to analog and
subtracts it from the sampled and held analog input. The resulting residue voltage is

amplified by 2",

The architecture of pipelined ADC is the good compromise between area and
speed. However, the major limitation on the accuracy in pipelined ADC is the gain
amplifier, especially in the first few stages, where accuracy requirements are most
stringent. The bandwidth of the gain amplifiers will decide the total throughput rate of
the pipelined ADC. And the gain.of gain amplifiers influences the total resolution
greatly. Therefore, the gain amplifier plays.the, most important role in the pipelined

ADC.

2.3.4 CyclicADC

A cyclic ADC is based on a pipelined ADC, as shown in Figure 2.11. It has only
one stage but uses the stage repeatedly in a cycle. A cyclic ADC consisted of a single
pipeline stage with the output fed back to the input. The delay from the input sample
to complete digital output is the same as the pipelined ADC. The cyclic ADC
completes N bits by reusing the stage multiple times thus it uses very little chip area
and dissipates very low power. However, the throughput rate of the cyclic ADC is
much less than the pipelined ADC. For N bit resolution, the cyclic ADC samples the
single input signal every (N*clock cycle), and thus the throughput rate of the cyclic

21



ADC is only 1/N times compared with the pipelined ADC. [08]

SEwS e

T Residue
Sub- »| DAC Amplifier

ADC =
k bits

Figure 2.11 Cyclic ADC

2.3.5 Time-Interleaved ADC

Figure 2.12 shows the block diagtam of ansarchitecture in which four ADCs are
used on parallel to achieve fout times the sampling rate of a single converter. This
method is often known as time-interleaved architecture . The sample-and-hold circuits
consecutively sample and apply the input analog §ignal to their respective ADCs. The
digital outputs of the channels are combined with a multiplexer to a single bit-stream.

[02] [06]
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Figure 2.12 Four-channel time-interleaved ADC and its clock signals
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Chapter 3

The System of Pipelined
Analog-to-Digital Converters and the
Double-Sampling Technique

3.1 Introduction

In this chapter we will concentrate on the pipelined ADC. We will discuss the
pipelined architecture in more detail. As we know, the pipelined ADC has large
tolerance to the offset of comparators due to the use of the redundancy and digital

correction algorithm.

However, the nonlinearity of ‘¢omponents is-also need to take into account. With
the rapid growth in applications, such as communication systems and video systems,
the demands for the resolution and throughput rate of the ADC are getting higher. As
a result, the accuracy for high-resolution pipelined ADCs is actually a tough challenge.
Thus some calibration algorithms are developed to improve the accuracy. We will
discuss in later section. Finally, the technique of double sampling is introduced, and it
will be applied to our design in order to speed the throughput rate of the pipelined

ADC.
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3.2 Conventional Pipelined ADC

A conventional pipelined ADC consists of N cascaded stages, each resolving k
bits as shown in Figure 3.1. Each stage consists of an S/H circuit, a sub-ADC, a DAC
and a gain amplifier, as mentioned before. Digital correction logic is often employed

in order to relax the specifications of each stage.

koo
2 Residue
Amplifier I

~ ~
~ 4
~ e
Input Sla_ge N
4’{ :: >—  Stage }—V Stage 2 - ha- - _»w_. (p-bit flash
ADC)
v 2 v ¥
| Delay Elements |
v

| Digital correction |

I 1

Dy Dg

Figure 3.1 Block diagram of N-stage pipelined ADC

The pipelined ADC needs two phase clock phases per conversion. One clock
phase is used for sampling the input signal, and the other is employed for holding and
delivering the residue voltage. Consecutive stages operate in opposite clock phase and
as a result one sample traverses two stages in one clock cycle. Thus the latency in
clock cycles is half the number of stages plus one. The complete cycle for processing
a given input sample ends when the last stage of the pipeline quantizes the amplified
residue provided by the previous stage. Meanwhile, from the beginning of processing

a given sample, N/2 new samples are already sampled and being processed inside the
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chain. The timming analysis is illustrated in Figure 3.2. For example, the lantency
time for the 10-bit pipelined ADC is 5 clock cycles, and the corresponding digitized

codes are available at the output after 5 clock cycles of operation. [02]
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sample holc sample
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Sub-ADC AD AD AD

MDAC sample | amplify | sample | amplify | sample L
Stagea T ...

MDAC
Stage 4 J sample amplify T
Sub-ADC =
AD AD

amplify | sample

Timing Axis

Figure 3.2 Timing diagram of the pipelined ADC

An example for the ideal 2-bit per stage is shown in Figure 3.3(a). The resolution
for this stage is 2 bit, and the full scale input range is divided into four subranges,
each one corresponding to a given input digital code among the possible combinations.
After subtracting the DAC value from the input signal, the residue is yielded by the

gain amplifier, whose gain is 4. So the analog residue is

Vout =4 (Vin _VDAC ) (31)

As shown in Figure 3.3(b), the residue plot is the shape of sawtooth with the full scale

range between Vref and —Vref. [09]
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Figure 3.3 (a) Block diagram for 2-bit/stage (b) ideal residue plot

3.3 Nonidealities and Error Sources in Pipeline ADCs

In the pipelined ADC, designs of each stage and components are not ideal, and
some error sources need to be considered while designing the circuit. The primary
error sources presented in a pipelined ADC are offset errors in the S/H circuits and
amplifiers, gain errors in the S/H circuits and amplifiers, sub-ADC nonlinearity, DAC
nonlinearity, and opamp settling-time errors.
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For an example of ideal 2-bit pipelined stage, the residue plot and conversion
characteristic are shown in Figure 3.4. Ideally, the 2-bit stage transistion voltages are
0, -1/2 Vref, 1/2 Vref, where Vref is the reference voltage. The residue amplification
characteristic has four segments according to the input voltage. And the conversion
characteristic for 2-bit stage is linear. [10]
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vet & 00 01 10 11 Vout

Vin 4

|
|
|
|
|
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|
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| 01
|
|
|

00

| .
Vref } } Vin

Vref  -1/2Vref 0 1/2Vref  “Vref Vref -1 /2'\/ref 0 112vret  Vref

(a) (b)

Figure 3.4 Ideal 2-bit stage (a) residue-plot (b) conversion characteristic

3.3.1 Nonidealities in the Sub-ADC

For the comparators in the sub-ADC, limited accuracy and offset in the decision
levels of the comparators produce wrong 2-bit output codes and, consequently,
originate deviations in the transition voltages between subranges of the residue
characteristic. If the deviations in the residue characteristic exceed the full range scale,
the residue propagated to the next stage exceeds the conversion range of the next
stage, resulting in saturation which cannot be corrected. So some codes will be
missing, as shown in Figure 3.5. The offset error can be resolved by the digital error
correction technique, discussed later.
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Figure 3.5 2-bit stage with comparator offset (a) residue plot (b) conversion

characteristic

3.3.2 Residue Amplification Gain Error in the MDACs

For a given pipelined stage, a"gain error in the residue amplification can cause the
residue range to be smaller or larger than the conversion range of the following stage.
As a result, missing codes is also apparent to see. Figure 3.6 illustrates these errors
where the residue amplification characteristic of the MDAC exhibits different
segment-slopes from the ideal ones. Gain errors result from two aspects. On one hand,
the residue amplification gain error is basically due to mismatches between the
sampling capacitors and the feedback capacitors. On the other hand, the limited DC
gain of the operational amplifier contributes to the gain error of the residue. [11] To
overcome gain errors, analog or digital self-calibration techniques are employed and

they also improve the DNL of the conversion characteristic.
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Figure 3.6 Residue plot and conversion characteristic of 2-bit stage considering a gain

error (a) (b) larger and (c) (d) smaller than 4

3.3.3 Nonlinearity in the MDACs

Mismatch errors in the capacitor-array of the MDAC and nonlinearity in the

operational amplifier produce differences in the transition magnitudes of the residue.

Figure 3.7 illustrates nonlinearity in MDAC:s and it results in different width for each

digital code corresponding to the input voltage. The nonlinearity errors in the MDACs

can produce a large number of missing code in the overall conversion characteristic.
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3.4 Digital Error Correction Technique and Redundancy

Digital error correction and redundancy are used to eliminate the nonlinearity of
sub-ADC and inter stage offset on the overall linearity. With the digital error
correction, the pipelined ADC has a large tolerance of the comparator offset. Without
the digital error correction, the comparator offset must be no more than one LSB of
the pipelined ADC. This technique is attractive because it allows the use of simplified

comparators for each stage. Thus, it can reduce the total area and power consumption.

As we mention in 3.3, the comparator offset and gain error may lead the residue to
the next stage to exceed the conversion range and make codes missing. In the
pipelined ADC, it needs the same input and output signal range for each stage due to
the cascade implementation. The output signal for each stage is produced by the gain

amplifier which has gain of 2", N is the resolution for each stage. The amplified
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residue must still within the conversion range for the next stage. However, it is
difficult to avoid code missing with the inter stage gain as much as 2". In order to
overcome this problem, the inter stage gain is reduced to 2" so that the amplified

residue can remain within the conversion range of the next stage.

In many previous implementations, digital error correction technique has used
both addition and subtraction to correct errors. When the offset error occurs in the first
stage, the next stage can calibrate the digital codes of the first stage by the digital error
correction. The correction logic has three options at each stage (to add, subtract, or do

nothing) according to the residue of the previous stage.

To illustrate digital error correction technique‘in more detail, we take a 2-bit/stage
pipelined ADC for example. When. the mter-stage gain is reduced to 2, the residue
range is compressed between 1/2 Vréfand, -1/2 Vref; illustrated in Fig 3.8 (a). Even if
the comparator offset occurs, the residue is.still. within Vref and —Verf. And then the
following stage will correct the output codes by adding or subtracting correction, as
shown in Figure 3.8 (b). When one of the decision level of the sub-ADC has an offset,
the output of the first stage will exceeds 1/2 Vref. The second stage, sensing the
overhanging, will add the output by 1 LSB. In the same way, when the output of the
first stage drops below -1/2 Vref, the second stage will subtract 1 LSB. It allows the
comparator offset to be as large as 1/4 Vref and the output is still in the input range of
the following stage. Digital error correction simply utilizes the extra bit to correct the

overhanging section from the previous stage.
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Vout Vout

00 01 10 11 00 01 10 11
Vref Vref
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orrection
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—— actual 112vref / — actual
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-1/2Vref]| Subtraction
correctiol
-Vref -Vref
-Vref -1/2Vref 0 1/2Vref Vref -Vref -1/2Vref 0 1/2Vref Vref
(a) (b)

Figure 3.8 the residue plot with inter stage gain of 2 (a) without offsets (b) with

offsets

Since subtraction is equivalent, to addition ,with offset, the required correction
logic can be simplified by eliminating the need" for the correction logic to do
subtraction. So subtraction can be eliminated by intentionally adding a 1/2 LSB offset

to both sub-ADC and DAC, as shown in Figure 3:9: After shifting 1/2 LSB offset in

Vout

00 01 10 1"
Vref

— — ideal

Vin - S/H (D) > , , ,
Vout /| /i /! Shift %
1 ! ! 1 /
_ V2 LSB + o ‘ / Vin

/
offset » SN NS
// § / i / § /
+ SV
2 bits 2 bits
< ADC P DaC >

2 bits -Vref -1/4Vref  1/4Vref  3/4Vref Vref

-Vref

(a) (b)
Figure 3.9 (a) Block diagram of one stage with offset in ADC and DAC (b) ideal

residue versus held input with 1/2 LSB offset
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the decision level, the subranges are separated in different width. The section of “00”

is enlarged and that of “11” is reduced. Because the interstage gain is 2, the amplified
residue remains within the conversion range of the next stage when the offset of
comparators are between 1/2 LSB. Under these conditions, errors caused by the
sub-ADC nonlinearity can be corrected, and the correction requires no change and

addition.

Since the top-most decision level is 1/2 LSB below the maximum stage input, we
can assume that the decision level of the top comparator has an offset of 1/2 LSB
adding and it is shifted to the upper bound of the conversion range, as shown in Figure
3.10(b). So the digital output code 11 is eliminated. However, the output code 11 can
be recovered by the digital error correction of the'next stage and the output residue is
still within the conversion range..According to this assumption, removal of the
top-most comparator does not change the correction range because the decision can

still move by up to £1/2 LSB before saturating the next stage. [09] [12]

Vout

00 01 10
Vref

--—- ideal
/ ‘ /
A Vout // | / /i / 1.5 bit
/ i // i // i //
i / I i /
0 ‘ /— Vin
YA ANa e WY i
// L/ / / /
5 1.5 v ’ /

Lpw ( bits bits
ADC DAC

Vin S/H +

-Vref

2 bits -Vref -1/4Vref  1/4Vref Vref

(a) (b)
Figure 3.10 (a) Block diagram of 1.5 bit output per stage(b) ideal residue versus held

input without top comparator
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The final block diagram is shown in Figure 3.10(a). The comparator thresholds are
at 1/4 Vref and -1/4Vref and the DAC level are at -1/2Vref, 0, 1/2Vref. In each stage,
only 2 comparators are needed, which means that the resolution per stage here is 1.5
bits. Reconstruction of the redundant sign digit coded digital stage outputs is
performed by adding up the properly delayed stage outputs with one-bit overlap, as

indicated in Figure 3.11. [07] [09]

Stage
output bits

Stage 1 bi1] b10

Stage 2 | b21 | b20
Stage 3 | 1631 b30
Stage 4 s | b4t | bao
I
i
| e NG
F- AR
i i i i
Combined output’. Dy Dt #Dyz  Dy: ™Dyy D,

Figure 3.11 RSD-correction in digital domain

3.5 1.5 Bit/ Stage Architecture

As we know, the 1.5 bit/stage pipeline architecture is characteristic of only 3
digital output codes, 00, 01, and 10. If we would like to realize a pipelined ADC with
10 bits resolution, 1.5 bit/stage architecture can be adopted with 9 stages and each
stage resolves two bits with a sub-ADC, as shown in Figure 3.12. The 1.5 bit/stage
pipeline architecture is employed in the first 8 stage, and the last stage is composed of
2 bit flash qunatizer. According to the input range of signal, from —Vref to -1/4Vref,
-1/4Vref to 1/4Vref, and 1/4Vref to Vref, the output residue transfer function can be

derived as follows :
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: _Vref
2V, 4V, ,if =V <V, < — D =(00),
V. =V if " Vref +Vref .
=12V, i 1 <V, < 2 < D=(01), (3.2)
- +Vref
2V, =V, if —= <V, <4V, < D=(10)
4 2

D is the output code for each stage. The transfer function of 1.5-bit/stage is shown in
Figure 3.10(b). Because of using the digital error correction technology, the
1.5-bit/stage has lower (2 instead of 4) inter-stage gain than the 2-bit/stage, but it
requires more stages (9 stages instead of 5 stages for 10bits ADC) than the 2-bit/stage.
By reducing the inter-stage gain, the accuracy requirements on the sub-ADCs are
greatly reduced. In this research, a maximum offset voltage of Vref/4 can be tolerated

before the bit errors occur.

————————————————————————
1 1
1 1
+

: =@}>@»:

1 1

: 7 Residue :

! Amplifier !

1 Av=2 |

1 1

1 1

| e e e e g

MDAC
1.5 bits

~ e

~ - Stage 9
RN 7 2-bit flash ADC
~ -
~ -
~ -
N . >
Input
Stage | B  Stage2 MW+ -+ - — W Stage8 > b
1.5 bits 1.5 bits 1.5 bits

2 bits

‘ Digital Error Correction ‘

——m 10 bits digital output

Figure 3.12 Pipelined ADC with 1.5-bit/stage architecture

For implementation of a pipeline stage, Figure 3.13 is illustrated to understand
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how the 1.5 bit/stage architecture works. For simplicity, a single-ended configuration
is used. A common, switched-capacitor implementation is chosen which operates on a
two-phase clock. During the first phase, the input signal V; is applied to the input of
the sub-ADC, which has thresholds at Vref/4 and —Vref/4. The input signal ranges
from —Vref to Vref. Concurrently, V; is applied to sampling capacitors Cs and Cy. At
the end of the first clock phase, V; is sampled across Cs and C, and the output of the
sub-ADC is latched. During the second phase, Cr closes a negative feedback loop
around the opamp, while the top plate of Cs is switched to the DAC output. The stage
residue V, is generated by this configuration. The output of the sub-ADC is used to
select the DAC output voltage, Vg, through an analog multiplexor. Vg, is

capacitively subtracted from the residue such that :

Vv
(1+&)vi —&vref if V5
o il = 4
C . Vref Vref
Vo =11+ 2N if ——F<Vi<— (3.3)
f
Y
(1+&)vi+&vref ifv, < -
C, C, 4

v Lo S; Ct
Vi ?/c
O
6\0— — Vo
Q Sy —O0

Cs
% .

~Vg— +Vp 0 -vg
=z
\ | \ ||
SUB-ADC DAC 2X GAIN

Figure 3.13 Switched-capacitor implemention of each pipeline stage
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In the 1.5 bit/stage architecture Cs=Cf is chosen to give a gain of two in the
transfer function. In the 1.5 bit/stage architecture Cs=Cf is chosen to give a gain of
two in the transfer function. The opamp gain msut be large (>60dB for 10 bit
pipelined ADC) enough to reach the specifications of the resolution. Moreover, the
opamp must settle to better than 0.1% accuracy in one clock phase (one half cycle).

The settling time limits the overall pipelined throughtput. [13]

3.6 Calibration Techniques for Pipelined A/D Converter

A number of calibration Techniques have been developed to make high resolution
analog to digital conversion possible in spite of the sources of error mentioned earlier
in the chapter. Some of the techniques are based.on adding circuit enhancements to
reduce the error to a tolerable level. Other techniques do not attempt to fix the error
but instead are based on design changes.that-make the error more tolerable. The basic
idea in the calibration methods “is+to minimize or correct the steps causing
nonidealities in the stage transfer functions. These calibration techniques have
resulted in an improvement of the resolution capability of pipelined ADCs. This
improvement has made it possible to design pipelined ADCs with high resolutions
that are limited by thermal noise rather than matching constrains. Because the
mismatch and error attached to each step can either be average out, or their magnitude

can be measured and corrected.

3.6.1 Capacitor Error Averaging

Capacitor error averaging is the technique for achieving a precise gain of two in
the residue amplifier for each stage of the pipelined ADC. The basic idea in the
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capacitor error averaging is, rather than fix the sampling and feedback capacitors in
the MDAC, to swap their roles. The residue is amplified twice and each time a
different feedback capacitor is be used. But an extra clock phase and one additional
amplifier are needed in each stage. By adding an extra clock phase, the gain error
resulting from the mismatch between the two different feedback loops is compensated

during different feedback capacitors interchanging.

C1 C3
¢1 Il I
I I
VoI
ST s
@2
VR p— S
C, _,_/,Z =
¢3 L
Vix D, I \+|_| .
c: */Z

Figure 3.14 Capacitor error averaging technique: ¢1: sampling phase

@2 :amplification phase @3 :averaging phase

Figure 3.14 shows how the capacitor error averaging technique works during each

phase. During ¢1 the input signal Vi, is sampled onto capacitors C; and C,. These
two capacitors have mismatch capacitances. As a result, interstage gain is different

while using either capacitor as the feedback capacitor. To average gain error, it needs
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two amplification phases, one where C; is used for feedback and the other where C, is
used for feedback. During the amplification phase ¢2, CI is used for feedback, and
the positive output of the first amplifier V, is sampled onto capacitor Cs; while the
negative output of the first amplifier —V, is sampled onto capacitor C,. During the
averaging phase ¢3, C, is used for feedback, and the negative output -Vy is

connected to Cy4

In order to analyze the output voltage as a function of the input voltage, we have
to assume these capacitors are not match perfectly. So let’s assume that
Ci=C,, GC=(1+a)C,, C3=2Cp, Cs=(1+p)Cs
where |a| <<1, |Bl<<1
During the sampling phase ¢l ;and the amplification phase ¢2, the following

expression is obtained.

C
V, =V, +C—2(Vm -V xD)=@Vi=V, xD))+a(V,, -V, xD;) (3.4)

1

During the averaging phase @3, we can get as follows,

C
Vy =V, xD; + 24V, =V, x D)) = (V, =V, x D))= aV, -V, x D)) (3.5)

2

Finally, the output function with gain error averaging is derived by combining
equations (3.4) and (3.5).
V.=V + S v vy =v + 2 (v v

C, 2 (3.6)
~(2V;, =V, xDj)—ap(V,, -V, x D)

From the equation (3.6), the oupt voltage can be divided into two parts, which are the

ideal residue and the mismatch error. With the capacitor error averaging technique
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applying, the mismatch error is actually reduced greatly. [14]

3.6.2 Commutated Feedback-Capacitor Switching Technique
(CFCS)

The commuted feedback-capacitor switching technique (CFCS) is motivated by
the fact that in many imaging applications, high resolution but medium accuracy are
reauired. Therefore, the commutated feedback-capacitor switching technique (CFCS)
relaxes the capacitor matching requirement to the point that it is easy to satisfy in
most modern process technologies. [15] As a result, the technique allows the
capacitors to be scaled down to the kT/C noise limit. With a reduced capacitive load,

opamp power consumption is also.feduced.

Ci Ci
:: !
Vi | Viet  o=1 C|2
— I - —o I - | Ve
C, - GND +
! i
(@) (b)

Figure 3.15 The conventional MDAC operation (a) sampling phase (b) amplifying

phase

To compare the CFCS technique with the conventional architecture, we examine
the effect of the capacitor mismatch in these two styles. For simplicity, we consider
the case of a single-ended 1-b/stage pipelined ADC, which has a capacitor mismatch.
For the fixed feedback capacitor stage is illustrate in Figure 3.15. During the sampling
phase, the input is sampled on both C; and C,. During the amplifying phase, C; is
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fixed as the feedback capacitor. The residue of the conventional architecture is derived

as follows, depending on the input voltage large than Vref/2 (d=1) or less than Vref/2

(d=0)
&tS gCZ)v d=0
Vegs = ! (3.7)
Gtly (& M, A1
C

Vref ________ AT T T T

AN
AN

Vref/ 2

(a) (b)

Figure 3.16 Residue plot of the conventionalstage (a) for C1>C2 (b) for C1<C2

Figure 3.17 Transfer curve of the conventional stage (a) for C;>C; (b) for C;<C,

The residue plot of the conventional stage and the transfer curve of the
conventional stage are illustrated in Figure 3.16 and Figure 3.17 individually. If C,<C,,
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the interstage gain is less than 2 and the transfer curve will result in a missing codes
error at the boundary of Vref/2. If C;>C,, the interstage gain is larger than 2 and

exceeds the conversion range. It will results in a wide code error.

The commuted feedback-capacitor switching technique (CFCS) is shown in
Figure 3.18. During the sampling phase, the input is sampled on both C1 and C2 as in
the conventional case. During the amplifying case, when the comparator decision d=0
(Vin <Vref/2), C1 is selected as the feedback capacitor. On the other hand, when d=1
(Vin >Vref/2), C2 is selected as the feedback capacitor. The residue plot is shown in
Figure 3.19. By interchanging the feedback capacitor depending on the digital code,
the residue drop is matched to Vref, the full scale of the next stage. Figure 3.20
illustrates the transfer curve ofithe stage with the CFCS technique. Although
capacitors are mismatch, the preblem of missing code error and wide code error at the
boundary of Vref/2 are eliminated in‘Figure-3.20. "We can get the residue transfer

function as follows

C +C

2\, d=0
L (——= C Wi 8
Tl —( N, 91 |
C2 in ref »
C, if d=1
1 C, if d=0
1 |1
] I
Vin | Vref d=1 |
b ! - —9 .0 I - | V0es
C2 ' GND c,ifd=1 [t
C>C | C, if d=ol—
(a) (b)

Figure 3.18 The CFCS’s MDAC operation (a) sampling phase (b) amplifying phase
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Vref/ 2

(a) (b)

Figure 3.19 Residue plot with CFCS technique (a) for C1>C2 (b) for C1<C2

N\
AN
AN

(a) (b)

Figure 3.20 Transfer curve with CFCS technique (a) for C;>C; (b) for C,<C,

3.7 Double Sampling Technique

The clock rate of the switched capacitor circuits is limited by the bandwidth of the
opamp. In order to achieve a high throughput rate, it is essential to exploit the opamp
efficiently. This technique is used to double the sampling rate of the switched
capacitor circuits without a need to increase the speed of the opamp. A method of
increasing the sampling frequency is to use the opamp during both phases of clock.

This technique, called double-sampling, was proposed in [16]. It has been applied in
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various SC circuits such as filters, AZ-modulators, pipelined ADCs, and sample and

hold circuits.

3.7.1 A Double Sampled Switched Capacitor Delay Cell

An SC circuit can be divided into blocks, each comprising an opamp and a set of
switches and capacitors. It operates in two phases. In the first phase the circuit
samples its input. In the second phase the output is delivered by holding the former

sampled value. [17]

Cs2
L |3
Cl\im
VipD | ——
\
- D Vop
+/'> L Von
= . N .
Csr: I
T } T $2 o
ST - ]

Analog Ground

Figure 3.21 A double-sampled SC delay circuit

Since the opamp is not used in the sampling phase, it is more efficient to exploit
the opamp’s idle phase by duplicating the sampling circuitry and operate the two
sampling circuits in opposite clock phases. Based on the architecture of the opamp in
one-capacitor sample-and-hold circuit, this circuit utilizes an extra set of capacitors to
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increase the sampling frequency by a factor of two without increasing the clock rate
or requiring a faster opamp, shown in Figure 3.21. There is only a minor increase in
power consumption because it is dominated by the opamp, which consumes power

also when idle.

In Figure 3.21 the input signal is sampled every half clock period (T¢/2) and
appears at the output with a half-clock period delay. Assuming the gain of the opamp
A is infinite and other elements in the circuit are all ideal, the transfer function of the

circuit is derived as follows

<
o
~

N>
~

- (3.9)

Il
N>

<
o
~

N>
~

e
where Z=¢ 2

)

Although the factor-of-twozimprovement in the speed of the double-sampled SC
delay cell is achieved, the mismatch between the two paths actually results in image
error in return. Therefore, finite opamp gain and opamp input capacitance need to be
taken into account while analyzing the operation of the double-sampled SC delay cell
because they are related to both gain and phase error in transfer function of the

double-sampled SC delay circuit.

Figure 3.22 shows a single-ended equivalent circuit of the double-sampled delay
circuit during @1 and ¢2. Charge conversation on capacitors Csl and Cin before

@2 (the non-overlapping phase) and after ¢2 yields the following difference

equation :

B vo(n+1) | _vo(n) v,(n+1)
Csl{vi(n) (vo(n+1)+—A H_Cm[ a + A } (3.10)
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Rewriting the equation (3.10) in z-transform as follows :

(> _NW@)_ %)
Csl{vi(z) (v (2)-z+2>— ﬂ Ci{ A + A z} (3.11)

If capacitors Cs1=Cs2=Cs, a similar difference equation would be obtained for the

¢l phase and we can finally find that the transfer function, H(z), to be given by

v, (2) 1 4
e =H(2)= l(CerC GGl 2 (3.12)
S CS A
ST
where 7 :ejw(?)
Csz Cs1
Cs1 Cs2
D—
vi (n) Cin _a(n) vi (i+1) Cin ‘V'im N
(a) (b)

Figure 3.22 A single-ended equivalent circuit-of Figure 3.21 during (a) ¢1 (b) ¢2

Therefore, finite opamp gain and non-zero input capacitance modify the transfer
function of the double sampled delay cell by damped integrator term from its ideal
response. This change of the transfer function causes both gain and phase error in the

response of the delay circuit. The actual transfer function becomes

H(z)=[m-e"].z" (3.13)

where m and 0 are magnitude and phase of the error term in the double-sampled delay

circuit. Assuming A>>1, the magnitude and phase error are given by

zl—L cosal (Cm) (3.14)
Ap A
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p~-Snt (%) (3.15)

T A

3.7.2 Nonidealities in the Double Sampling Circuits

In the double sampling architecture, the use of parallelism in the analog domain
introduces limitations that are related to the finite opamp gain and the settling time.
These errors mostly arise from the offset, gain and timming mismatches between the
two parallel paths. The influence of these errors to the double-sampled SC circuit is

discussed below. [18]

3.7.2.1 Memory Effect

Due to the finite gain of the opampa-fraction of the previous sample remains
stored in the parasitic capacitance in the'input of the amplifier. So in order to consider
the analysis more completely, the finite opamp gain and the parasitic capacitance need
to be taken into account. The z-transform of the voltage gain in the double-sampled

SC delay circuit can be rewritten as

V. (2) 1 .
WY Y= z (3.16)
vi(2) 1+l(cs+cin)_$.lz4

A C C. A

S S

Where A is the DC gain of the opamp, Cs is the sampling capacitor, Cin is the opamp
input capacitance, and Cp is the parasitic capacitance in the sampling capacitor. From
the equation (3.16), it is a delaying S/H circuit, which has a delay time half of the

clock cycle. Besides, the equation shows that double-sampling adds a low-pass
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filtering effect. In the worst case the additional error is equal to the error caused by the

opamp input capacitance.

3.7.2.2 Offset

Channel offset is caused by operational amplifier and charge injection mismatches
across the two paths. Channel offset can be modeled as a voltage source connected in

series with path 1, as shown in Figure 3.23.

v, Path1 —o—

Vout

o Path2 ——

Figure 3.23 Channel offset in‘the double sampling model

For simpilty, a static offset between the two singal paths can be considered as a

constant value added to every other sample. In the time domain it can be written as

y(t) = i X(t)-S(t—nT)+ ivos S[t—2n+DT] n=0,1,2... (3.17)

nN=—o0

where Vos is the offset error between these two paths, and offset always occurs in odd
sampling. The frequency domain representation can be obtained with Fourier

transform, which results in

V(D= 3 X(0-8(F )= 3 (-1'V, olf -2 1] n=012. @19

The frequency spectrum is shown in Figure 3.24, where f; is the sampling frequency.
This is manifested in the frequency domain as tones at multiples of fy/2. The effect of
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offset is additive and independent from the input signal level and frequency.

ASpectrum

>
-f -1/2f, 0 1/2f, fs f

Figure 3.24 the spectrum of the double-sampled SC circuit with channel offsets

3.7.2.3 Gain Mismatch

Gain mismatch is caused by nonisymmetry between two paths. It will cause an
in-band image of the signal. A’diagram|of a two-path circuit and its corresponding

clock phase is shown in Figure 3.25.

Vi 2 i _2/2_ Vout
O H2 (Z) - |

Figure 3.25 gain mismatch in the double sampling model

The nonoverlapping clock has a frequency of fi.k and the effective sampling
frequency (fs) of a double-sampled SC circuit is f=2f; 0. The sampling sequences

can be divided into odd sampling (during ¢#1) and even sampling (during ¢2). The

odd and even sequences have a sampling frequency of fijock = fs/2. The input sequence

vin can be represented by the sum of odd (v;) and even (V) sequences in the
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z-domain : [19]

Vi (D) =V (2) 4V (2) (3.19)
Similarly, the output sequence is expressed as
Vou (2) = Vou (2) +Vou (2) (3.20)
where odd and even sequences are related by
Vo (D) =H (@i (@) Vo, (2) = H, (D), (2) (3.21)

If the two paths are symmetric, we can get H;(z)=H,(z)=H(z). If not, there is a gain

mismatch of d between them, the input-output relation is

Vo (2) = A 0 H @52 #H )V, (2) (322)
Equation (3.22) can be rewritten as
Vo (D) = H@)IV,, (2)+ 62 (2)] (3.23)

Spectrum

fi/2
fs/2+fz
f-fs

fs+fB

N
/28 |
_»
7/
4
\J

Figure 3.26 Spectrum of the input signal vj, (solid line) and the attenuated odd

samples of the input signal (dotted line)
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In the frequency domain, a sampled input signal Vi, with a frequency fg will have
a periodic spectrum with the signal appearing at nf+fz. However, the gain mismatch
path samples the input signal at a rate of fy/2 causing the input spectrum to be repeated

periodically at intervals of /2, as shown in Figure 3.26. Figure 3.26 shows the

periodic spectrum of the input signals Vi, and vy, .

If the signal bandwidth exceeds fs/4, the sidebands alias to the signal band
degrading the signal-to-noise ratio. Gain mismatch comes from capacitor mismatch in
the double-sampled SC circuits. With careful sizing and layout, capacitor matching

can be sufficient for the 10-12 bits pipelined ADC design.

3.7.2.4 Timming Mismatch

Clock generation for a double-sampled SC circuit with timming mismatch leads to
nonuniform sampling. Besides, random sampling jitter or sampling time aperture

uncertainty also results in nonuniform sampling.

The random sampling jitter is potentially an issue for single-sampled SC circuit as
well as for double-sampled SC circuit. Because of its random nature the aperture
uncertainty does not cause any fixed pattern tones in the output spectrum but degrades

the signal-to-noise ratio.

The fixed sample time mismatches between two paths, contrary to the random

sampling jitter, cause fixed side bands in the output spectrum. Assuming the path 1

51



deviates by AT from the path 2, shown in Figure 3.27, the output signal spectrum can

be represented as follows:

1 & n . .
Y f — x f— . 1+e—jnn_e12nAT(f—n/2T)
(D=5 nzz,w ( 2T)[ J

(3.24)

Comparing the output spectrum with timing mismatch and the output spectrum

with gain mismatch it can be seen that both cause side bands around multiples of fi/2.

However, in the timming mismatch case, the magnitude of the side bands is

frequency-dependant, seen from Eq (3.24). [20]

| O
Vi [gl+AT Path 1 2
Rz g1

o Path 2 |

Vout

Figure 3.27 Timming mismatch in the double sampling model
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Chapter 4

Design of Double-Sampling Pipelined
Analog-to-Digital Converter

4.1 Introduction

The increasing range of wide-band wireless communication standards will evolve
to high data rate applications within the next few years. At the same time, the
boundary between analog and digital signal processing is moving closer to the
antenna, following the trend toward software-defined radio. Therefore, high resolution

and very high sampling rate analog-to-digital' convetters are required.

Traditional designs of high-speed CMOS-analog-to-digital converters have used
time-interleaved pipelined architectures: to"satisfy high resolution and very high
sampling rate at the same time. While time-interleaved pipelined architectures usually
yield the highest throughput rate, they trend to require four pipelined channels or even
more to sample the input signal. If M channels are employed in the ADC and each
channel has the sampling rate f, the highest throughput for the time-interleaved
pipelined ADC can get up to M x f; . However, large silicon area because of the more

numbers of channels is required.

The double sampling technique has been introduced in 3.7. Employing double
sampling technique in the pipelined ADC, a very competitive power and area

consumption can be obtained. The double sampling pipelined ADC architecture has
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been adopted in my design. With the double sampling technique, the architecture of
the ADC is still based on the pipeline but an extra set of switches and comparators are
required. It obvious that double sampling raises the conversion rate and lowers the
slew rate and bandwidth requirements of the amplifier in a switched-capacitor gain

stage.

4.2 Pipeline Stage Accuracy Requirements

To achieve the desired resolution, linearity, and signal-to-noise ratio, each stage

must be designed such that non-ideal effects do not excessively degrade the overall

performance. Capacitor matching, opamp gain, opamp bandwidth, opamp settling,

and thermal noise are all critical topipelined ADC performance. [21]

4.2.1 Opamp Requirements
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f/ Vout Cs=(2B-1 )C N

Hold mode Sample mode

Figure 4.1 operation of pipeline stages implemented with identical stages

In the pipelined ADC, the accuracy requirement on each stage can be decreased by
stages. For an N bit ADC with the effective per stage resolution of B-bit/stage, the

first stage has to reach N bits accuracy requirement. And the accuracy requirements
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for the following stages are reduced B bit per stage. Therefore, the lower stage

constrains can be relaxed more.

In Figure 4.1, adjacent pipeline stages are illustrated that stage i is in the holding
mode and stage i+1 is in the sampling mode. For a given total resolution of N bits, the
per stage resolution of B, and finite opamp gain A, the resolutionship between the

output and input of an interstage gain-amplifier can be written as :

Vout =G '(Vin _VDAC) 4.1)
where G= (1+&)-(1—g”) = (1+&)- ! (4.2)
CF CF 1+L
Af
C
f= . (4.3)
C,; +C, +Copamp
C
grr =l~ f +Cs +Copamp (44)
A C,

In Equation (4.2) and (4.3), & 1s gain error factor, f is feedback factor, and Copamp 18
the input capacitance of the opamp. Because the i-th stage resolve B bit, the gain G;j of
the i-th stage can be represented as

G, =1+%=2B (4.5)

In order to reach N-bit linearity, the gain error parameter in the interstage
amplification should be less than 1/2™® of the full scale input range where N-B is the
resolution of the next stage. Therefore, we can get
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£ <L (4.6)

rr N-B
2

Substituting gain error factor €, from Equation (4.4), the limit of finite opamp gain is

yielded as follows

A>2N78XCf+CS+C C 1
C

C
opamp :2N—BX 2B+ opamp :2N (14— opamp 4.7
f ( <, ) ( ¥ C, ) (4.7)

This is the minimum requirement on A. In practice, the opamp gain should be much
large than this value, since error caused by other sources such as capacitor

mismatches and incomplete amplifier settling are not taken into account.

The opamp finite bandwidth.determings the maximum usable sampling rate in a
pipelined ADC. Ignoring the slewing behavior, the MDAC settling time constant can

be written as

7 — TITEIIeY
27-GBW

1

— 4.8

; (4.8)
Since the settling error of a single-pole system has to be within 1/2" | the required

number of time constants can be found as

7Tsenle

e - <2—N (4.9)

T

e > N-In2-7 (4.10)
For pipelined ADCs, the allowed settling time is a little less than 1/2 of a clock period.
Then the minimum value for GBW of the amplifier is given by substituting 7z from
Equation (4.8)
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N~ln2. 1 zN-ln2'Fs @.11)
2r-f T - f

settle

GBW >

where f is the feedback factor, and F; is the sampling frequency. From the Equation
(4.11), we can realize that the more resolutions and sampling rate of ADC is required,
the larger gain-bandwidth product (GBW) is required to maintain the throughput rate

of the pipelined ADC. [21]

4.2.2 Capacitor Requirements

In the pipelined ADCs, the sampling and feedback capacitors are related to the
gain amplifiers and DACs, so capacitor, matching is an important issue when choosing
the capacitor size. If the capacitors Cgrand Cr dre not equal, gain error will be

generated in the residue output and affects the accuracy of the pipelined ADC.

For an N bit ADC with the effective peristage resolution of B-bit/stage, the residue
output is found as

n —

CS CS
Vout =(1+ C_f)v * (C_f)VDAC (4.12)

Assuming the capacitors deviate by AC and Ci=C+AC/2 C=C-AC/2, the residue
output is given by

Vo = 2+ 25N, £ (14 5N @13)

A

in — C

From Equation (4.13), the requirement on the DAC of each stage, and AC/C of
each capacitor must be less than 1/2N to ensure that AVpac is less than 1 LSB. Smaller

capacitors tend to have worse matching, so the thermal noise kT/C limits the capacitor
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size.[13]

As we know, the thermal noise is a major source of error in a pipelined ADC. The
way to reduce thermal noise is to increase the size of the sampling capacitor Cs. But at
the same time the power consumption of the ADC also increases. Therefore, there
exists a tradeoff when choosing the capacitor size. In ADCs a common requirement is
that thermal noise power is smaller than the power of the quantization noise, which
can be shown to be LSB*/12. This sets the lowest limit for capacitor value Cs as

follows

¢ > - = 2
S5 (2¥;,)

(4.14)

where N is the number of in the ADC, which has-full scale input signal Vgs and
sampling capacitor size C;. And-the SNR-of.the . ADC when considering thermal noise

and quantization noise can be calculated as

2 2
SNR =10log \/ng =10log VFSN/E (4.15)
B +o? (Ve /27)" KT
o +
12 12 C

S

4.3 Behavior Model of the Double-Sampling Pipelined ADC

In order to understand the operation of the double-sampling pipelined ADC in
detail, the behavior model of a 10-bit double-sampling pipelined ADC with
1.5-bit/stage architecture is established with Simulink in Matlab. The sample rate of
the 10-bit double-sampling pipelined ADC is set in 100MHz for each path. With the

double sampling technique, the total throughput rate can be doubled toward 200MHz.
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For simplicity, the single ended configuration is adopted. We describe each block
including SHA circuit, sub-ADC, MDAC, final stage 2-bit flash ADC, and digital
error correction. With ideal mathematical analysis, each block of the ADC is

constructed with some nonideal properties. [22]

4.3.1 SHA Circuit
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Figure 4.2 Double-sampled sample-and-hold circuit behavior model

With the application of double sampling technique, the sample-and-hold (SHA)
circuit behavior model is illustrated in Figure 4.2. The behavior model is constructed
according to the transfer function and characteristic of SHA. The mathematical

equation is shown in Equation (4.16).

Voul = ﬁvmz - (4 1 6)
I+—(1+)
A C

S

where Cs is sampling capacitor and it is in the feedback loop when in then holding

phase. A is the finite opamp gain and Cin is the input capacitor of the amplifier. The
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input signal is sampled by two paths in turn depending on the nonoverlapping clolck
phases, 100MHz. The simulated results are illustrated in Figure 4.3 (a)(b), which

show the transfer curve of the input signal of the sine wave and ramp respectively.

(b)

Figure 4.3 the transfer curve for the input signal of (a) 1M sine wave (b) ramp
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4.3.2 Sub-ADC

Figure 4.4 shows the behavior model of sub-ADC. It consists of two comparators
with £1/4Vref threshold voltage and offset. D1 and DO are MSB and LSB of the
sub-ADC respectively. VDAC is the voltage to control the MDAC operation. Figure

shows the digital output codes of MSB and LSB for the input signal of sine wave and

ramp.
»(_1)
L1
* » - » ok
| .
Inz » [double) | = 2
Relay Lo
Logical conwerter
Operatort
bk
offzat .-
| . ”_ | . NDT clil +
Constantd s v
Relay1 Lagical + Wdac
Operator =t -

3 %
i S
f )

Figure 4.4 Sub-ADC behavior model

(a) (b)
Figure 4.5 the input signal of (a) 1M sine wave (b) ramp versus digital output codes of

MSB and LSB
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43.3 MDAC
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Figuré 4.6 MDAC behavior model

The MDAC of double sampling pipelined"ADC is modeled in the Figure 4.6. It is
modeled in two paths, as in the SHA, according to the transfer function and

characteristic of MDAC. The mathematical equation is shown in Equation (4.17).

_ [(Cs + Cf )Vin + CsVDACJ -1
out — Cs +Cf Z (417)

i T

where Cs is the sampling capacitor, Cf is the feedback capacitor, and A is the finite
gain of the amplifier. The simulated results are illustrated in Figure 4.7 (a)(b), which

show the transfer curve of the input signal of the sine wave and ramp respectively.
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(@) (b)

Figure 4.7 the output residue and ital output codes of MSB and LSB for

the input signal of (a) 1M sine wave (b) ramp

4.3.4 2-BitFlash
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Figure 4.8 2-bit flash behavior model

The final stage of the double sampling pipelined ADC is the 2-bit flash. The MSB
and LSB is yielded in this stage without the need of the digital error correction. Figure
4.8 illustrates the 2-bit flash behavior model. The transfer curve of the MSB and LSB

is shown in Figure 4.9.
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Figure 4.9 Transfer curve of the MSB and LSB versus the input voltage

4.3.5 10-Bit Double-Sa
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Figure 4.10 10 bit double-sampling pipelined ADC behavior model
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Figure 4.10 shows the behavior model of the 10 bit double-sampling pipelined
ADC, which is made up of a SHA, 8 MDACs, a 2-bit flash, and a digital error

correction logics.

4.3.6 Ideal DAC Reconstructed Waveform

Figure 4.11 shows the behavior model ideal DAC which is used to reconstructed
the input signal of the pipelined ADC. The digital output code of the pipelined ADC

can be transformed into the analog result in binary weighting by the ideal ADC.
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Figure 4.11 The reconstructed behavior model by a ideal DAC
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(a) (b)

Figure 4.12 The reconstructed waveform of (a) sine wave (b) ramp

Figure 4.12 (a)(b) show the constructed waveform of the sine wave and ramp

respectively. By the ideal ADC, the performance of the pipelined ADC can be
't ‘;". Ll ~
determined by comparing the i_:n‘pi"i"t:"'signal‘ ‘with. the reconstructed waveform and

=] ik
Pl =] §

analyzing the spectrum of the oﬁfﬁut signa =5 L

FFT PLOT
' 15t |
40 Znd ]
3rd
ath
204 Sh
Bth
Tih |
= #h
Fo SR I_ an H
g -aop 1
g
5 4p
[iH
-
< |
ol

] 1 2 3 4 5 ] 7 ] ] 10
ANALOG INPUT FREQUENCY (MHz) %10

Figure 4.13 The output spectrum of the sine wave
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Figure 4.14 DNL and INL versus code
Figure 4.13 shows the output spectrum of the sine wave with the frequency of
1.028MHz. With the finite opamp gain 60dB, it shows the SNDR is 61dB. Figure 4.14

illustrates the DNL and INL which are almost.0 LSB while no offset is added.

4.3.7 Mismatch Considerations

(2) (b)

Figure 4.15 Gain mismatch (1%) (a) FFT spectrum (b) DNL & INL
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Figure 4.16 Offset mismatch (1%) (a) FFT spectrum (b) DNL & INL

L T

Figure 4.17 Timming mismatch (1%) (a) FFT spectrum (b) DNL & INL

Considering the mismatches between the two paths, the FFT spectrum and
DNL&INL plot are illustrated in Figure 4.15, Figure 4.16, and Figure 4.17,

respectively. [18] [20] [29]
4.4 The Implementation of 10-Bit Double-Sampling Pipelined ADC

Having determined the optimal double-sampling pipelined A/D architecture, the
implementation of this architecture is described in this section. The prototype of a
10-bit 200MSPS double-sampling pipelined ADC has been implemented on the
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TSMC 0.18um CMOS 1P6M process technology. The digital power supply and

analog power supply are 1.8V.

The double-sampling pipelined ADC is composed of the front-end SHA, 8
MDAC:s in stages, final 2-bit flash, and digital error correction logics. And operational
amplifiers are applied in the SHA and MDAC:s of eight stages. All analog circuits are
fully differential. The advantages of the fully-differential circuit are that it can reduce
even-order harmonic distortion, substrate noise, and common-mode disturbances. It
also improves the power supply rejection ratio (PSRR) and the common-mode
rejection ratio (CMRR). One drawback in the fully-differential circuit is that it needs

the common-mode feedback circuit and it will be illustrated in the following sections.

4.4.1 Operational Amplifier

The opamp is the most important.element.in the SHA and every stage of the
pipelined ADC. However, many limitations such as finite gain, bandwidth, stability,
and linearity have to be considered when designing the opamp. To speed the
converting rate of the pipelined ADC, the frequency bandwidth of the op-amp need to
be increased. To improve the resolutions of the pipelined ADC, we have to increase
the dc gain of the op-amp. Therefore, the specifications of the opamp require high
gain and wide bandwidth so as to reach the demands of the high resolution and high

throughput rate. Through it is a tradeoff between the opamp gain and bandwidth.

A two-stage opamp may achieve higher DC gain than a single-stage amplifier.
However, the optimal design can be achieved by using single-stage amplifier topology,
because it has higher bandwidth and smaller power consumption. Therefore, the
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opamp is implemented as a fully differential folded cascade amplifier, a close relative
of the telescopic with a slightly better output swing. It allows the DC level of the

output signal to be the same as the DC level of the input signal.

The folded cascode op-amp is shown in Figure 4.18. For the requirement of higher
resolution accuracy, it is necessary to use the op-amp open-loop gain enhancement
technique to increase the dc gain of the op-amp. This method is called gain-boosting,

and the theory will be illustrated as follows. [23] [24] [25]
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Figure 4.18 Fully-differential folded cascode op-amp with gain boosting

The dc gain of the fully-differential folded cascode op-amp without gain boosting

can be written as

|A|=G, xRy, (4.18)
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Ro I:(gm9 + gmb9 oll 09:| |||: gm7 + gmb7) 07( 02 || ):| . (419)

The transconductance G, is approximately equal to ¢,,. Substituting equation

(4.19) into equation (4.18), we obtain

|A/|:gm2 {I:(gm9+gmb9 oll 09]||[ gm7+gmb7) ( 02 || ros):|}‘ (420)

With the application of gain boosting the output impedance of the folded-cascode
opamp is further increased without adding more cascade devices. Assuming that the
GBP and GBN have the feedback loops, and they are the gain boosting amplifiers of
PMOS and NMOS respectively. We can derive the output impedance enhanced by

gain boosting amplifiers as

Rout :I:ASBN (gm9 + gmb9 oll 09:| Il[AbBP gm7 + gmb7) 07( 02 || )] (421)

And the dc gain can be rewritten as

|A/| gmz {I:AYSBN gm9 + gmb9 oll 09] || I:A}BP gm7 + gmb7) 07( 02 || )]} (422)

Because of the single-stage topology, the second pole is far away from the
unity-gain frequency. Assuming the output capacitance and resistance are C; and Ry,

the frequency response of the folded-cascode opamp is derived by

gmz t
A(s) =—"—2— 4.23
®) 1+sR,,C, ( )

out

For the high frequency response, because of sR,,«Cr >> 1 we can get the transfer

function as follows
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AGs) = Im2 (4.24)

sC,
The unity-gain frequency is given by
|AGS)| =22 =1 (4.25)
sC,
gm2
W, === 4.26
ey (4.26)

Since the folded-cascode opamp is adopted in fully-differential, it is therefore
necessary to add additional circuitry to determine the output common-mode voltage
and to control it to be equal to some specified voltage, usually about halfway between
the power-supply voltages. This cirouitry, refetred to as the common-mode feedback

(CMFB) circuitry, takes an important role:in the feedback loop of the opamp.

To avoid the signal swing limit, a switched-capacitor common-mode feedback
(SC-CMFB) circuit is applied into the folded-cascode opamp. A switched-capacitor
common-mode feedback (SC-CMFB) circuit offer very wide input dynamic range,

high linearity, and inherent stability with no power consumption. [26]
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Figure 4.19 Dual-phase switched-capacitor CMFB circuit
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The main advantages of SC-CMFB are that they impose no limits on the
maximum allowable differential input signals, have no additional parasitic poles in the
CM loop, and are highly Ilinear. However, SC-CMFB injects nonlinear
clock-feedthrough noise into the op-amp output nodes and increases the load
capacitance that needs to be driven by the op-amp. Hence, SC-CMFB is typically only
used in switched-capacitor applications such as sample-and-hold amplifier and
SC-filter. The dual-phase switched-capacitor common-mode feedback (SC-CMFB)

circuit is shown in Figure 4.19.

In Figure 4.19 it duplicates the sampling capacitors Cs, and interchanges its
driving switch clocks. This scheme continuously refreshes capacitor Cc during both
clock phases, and assures the same‘loading and same CM feedback factor. Capacitors
Cc generate the average of the output voltages, which is used to create control
voltages for the opamp current-sourees.-the.de voltage across Cc is determined by
capacitors Cs, which are switched between bias voltages and between being in parallel
with Cc. The bias voltages are designed to be equal to the difference between the
desired common-mode voltage and the desired control voltage used for the opamp

current sources.

Witz Pl e

Figure 4.20 Simulated AC results of the op-amp
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Figure 4.20 shows the AC simulation results including the gain and phase margin
of five process corners (TT, FF, FS, SF, SS), which are summarized in Table 4.1. The
simulated performance of the fully-differential folded cascode op-amp is summarized

in Table 4.2.

IT SS SF FS FF

Gain (dB) 82. 38 83. 24 79. 65 83. 33 18. 87

Phase (deg) 65. 25 67.75 65. 13 66. 57 64. 32

Unity GB(MHz) | 721.5 678. 7 698. 5 742.5 185. 4

Table 4.1 Simultated performance of opamp in five process corners

Folded-Cascode Op-amp(1T process corner)
DC Gain 82.38dB
Phase Margin 65.25°
Unity Gain Bandwidth 721.5MHz
Load Capacitor 2pF
Common Mode Input Range 0.3V~1.4V
Output Swing 0.35V~1.45V
Rise 302V/us
Slew Rate
Fall 311V/us
Settling Time 4.12ns
Power Dissipation 8.43mW
Process TSMC 0.18um 1P6M Process

Table 4.2 Summary of the simulation results of the op-amp
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4.4.2 Bootstrapped Switches

The decreasing maximum supply voltage of integrated circuits has made the
driving of an MOS transistor switch with sufficient over-drive difficult. A widely used
method to improve the linearity is to bootstrap the switch transistor gate voltage to
reduce the on-resistance signal dependency. Figure 4.21 shows the well known
gate-source bootstrapping technique. During the clock phase @, when the transistor is
non-conductive the capacitor C is precharged to Vpp-Vss. To turn the switch on, the
capacitor is switched between the input voltage and the transistor gate. This advantage
is that the constant Ron due to the fixed Vgs makes the time constant T=RonxC
independent of the input signal. This will decrease the harmonic distortion. The fixed
Vs also eliminates the high gate oxide voltage when the input signal is low. Switch
S5 fixes the gate voltage of MNSW to-Vss during @, to make sure that the transistor is

in the OFF state. [27]
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Figure 4.21 Basic circuit of the bootstrapped switch

Figure 4.22 shows the transistor-level implementation of the bootstrapped-switch
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circuit shown in Figure 4.21. The offset voltage is realized with the capacitor C,
which is precharged to Vdd during the main switch off-period. To turn on the switch
MS, the precharged capacitor is connected between its source and gate via the series
switches M1 and M4. Turning off MS is performed by disconnection the capacitor C
and pulling down the gate with M6. The transistor M5 is needed to prevent the
gate-source voltage of M6 from exceeding Vdd. The gate of PMOS transistor M3 is
tied to the gate of MS. The simulated result is illustrated in Figure 4.23 for an input

signal of sine wave.
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Figure 4.22 Transistor-level implementation of the bootstrapped switch
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Figure 4.23 The simulated result of the bootstrapped switch
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4.4.3 Double-Sampled Sample and Hold Amplifier

The accuracy and speed of ADC critically depends on the performance of
front-end sample and hold amplifier. The sample-and-hold amplifier needs to acquire
a wideband input signal, and drive the large load capacitance of the next stage with
low distortion. Also with the double-sampling technique skew in the timming of the
signals controlling the switches may deteriorate the circuit performance. To overcome
the timming skew problem a modification circuit, which makes the double-sampled
circuits insensitive to the timming errors, is applied in the double-sampled

sample-and-hold circuit. [28] [29] [30]
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Figure 4.24 Timming skew-insensitive double-sampled S/H circuit
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Figure 4.25 Timming diagram of the S/H circuit

The front-end double-sampled sample-and-hold circuit is  designed
fully-differentially and shown in Figure 4.24. The main idea in the double-sampling is
to make the utilization of the opamp more efficient. This is done by sharing the opamp
with two parallel circuits, which is possible because the opamp is needed only during
one half of the clock cycle. While  the input signal is sampled into one set of the
capacitors, the other is holding the previous sample being connected in feedback

around the amplifier. In the next'eycle the roles of the capacitors are changed.

In order to remove timming skew errors in double-sampled circuit, the separate
sampling switches of the parallel sampling circuits are replaced with a single switch,
which is common for both the sampling circuits. And two additional switches, which
act as a multiplexer, and a clock phase o5 are added. The sample is taken by applying a
short zero pulse to the sampling switches as shown in Figure 4.25. Each sampling
pulse is generated with the same edge of a full speed clock signal and thus any
systematic timming error between the channels is avoided. The load capacitance of
the S/H circuit is minimized by allowing only one component ADC to be connected in
the S/H output at a time. The price is the need for extra clock signals in the frond-end

S/H circuit.
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Since the sampling capacitor in the double-sampled SHA is the same with the
feedback capacitor, the gain error will not result from the capacitance mismatch.
Bootstrapped switches are used in the S/H circuit to reduce harmonic distortions and

improve the SFDR of the ADC.

Figure 4.26 shows the simulation result of the SHA when applying the sine-wave
input of 1IMHz (frequency) with the amplitude of £600mV. Figure 4.26(b) is the

zoom-in result of Figure 4.22(a).
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Figure 4.26 Simulated result of the S/H sampling the input sine-wave
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4.4.4 Sub-ADC

4441 Comparators

In many ADC designs, dynamic comparators using low-powered, cross-coupled
inverter latches have a drawback of intolerable offset voltages and mismatches due to
process variations, but in the 1.5 bits-per-stage pipline, a £Vref/4 of comparator offset
can be corrected using the digital correction logics. Thus a dynamic latch may be used

in the system of pipelined ADC.

In order to make a dynamic comparator against mismatch and process variations
all transistors should be in saturation straight after the latching signal. The comparator,
based on two cross coupled differential pairs and switchable current sources, has a
small power and area dissipation and-it.is-shewn to be very insensitive to transistor
mismatch. A fully-differential CMOS dynamic comparator for pipelined ADC with a

low stage resolution is implemented in Figure 4.27. [31] [32] [33]
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Figure 4.27 Schematic diagram of comparator circuit
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The comparator consists of two cross coupled differential pairs M;~M,, the
current source transistors Ms and Mg, and latches M;~M;j,. The operation of the
comparator is as follows:

When Vi, =0V, transistors M5 and M6 are inactive and no current path between
the supply voltages exists. Simultaneously the switch transistors My and M, reset the
outputs by shorting them to Vg4q4. The transistors M7 and Mg of the latch conduct and

force the drains of all the input transistors M;~My to V4q.

When the Vi,ch=V44, the outputs are disconnected from the positive supply and the
switching current sources Ms and Mg enter saturation and begin to conduct. The two
cross-coupled differential pairs M1~M4 start to compare the threshold with the input
voltage. When the transistors M7 and M8 are active and amplify the difference of the
source voltage in the cross-coupled differential,pair. The transistors M5 and M6
determine the bias currents of-the itwodifferential pairs M; - My and M; - My,
respectively. Therefore, the threshold woltage-of the comparator is determined by the

current division in the differential pairs and between the cross coupled branches.

The output of the comparator has only two conditions. One condition is M7 and
M11 is active but M8 and M10 is inactive. The other is M8 and M10 is active but M7
and M11 is inactive. Thus the comparator is free of static power consumption. The
determination of the switching point of the comparator can be modeled with the
simplification of Figure 4.28 for the two cross coupled differential pairs. Using the
symbols indicated in the figure and having W1=W2, W3=W4 the transistors M1-M4

follow the large signal current equations:

21 o
b

IDl - ID2 = ﬂlvin _Vir? (4.27)
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21
ID4_ ID3 :ﬂ3vref D6V

1

(4.28)

where B =(1/2)K' (W, /L)=(1/2) 4,Co (W, /L), Vie=Vin'-Vin" and Vier=Vier -Vier .

The comparator changes its stage when the currents I,; and I, of the both output
branches are equal. Assuming the relation of the source coupled pair bias currents to
be Ips=d Ips and by making the threshold point with parameter e so that Vi;=e Vi,

this results in a condition from (4.27) and (4.28):

2de2ID6V%— Ke'V:

ref

W W W

(T')2 =2l TS— KV (TS)2 (4.29)

From Eq(4.29) the threshold and tramsistor sizes of the comparators can be decided.
The right-side of the Figure 4.27 is a SR:latch, which is used to stretch the output of
the comparator to the full period because of only half-period lasting result in the

output of the comparator. Figure 4.29 shows the simulation result of the output signal

when applying the sine-wave input into the comparator.

Figure 4.28 Simplified model of the differential pair comparator
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(a) (b)
Figure 4.29 Simulated result of the comparator for a threshold of (a) Vret/4

(b) —Vref/4

4.4.4.2 1.5-Bit Sub-ADC (Flash Quantizer)

e P 23
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T eve
Vlatche %

> o o o
MSB LSB CLKA CLKB

B INBA

Figure 4.30 Schematic of the 1.5-bit Sub-ADC

The 1.5-bit Sub-ADC consists of two differential comparators and some simple
logic as shown in Figure4.30. The threshold voltages of the comparator are in Vref/4
and —Vref/4. A comparator offset voltage up to +Vref/4 can be tolerated through
digital error correction technology. The sub-ADC compares the differential input
signal with two decision levels and generates one of three different digital outputs
00,01 or 10. The MSB and LSB are the digital output codes of the 1.5-bit sub-ADC.

Because the double sampling technique is applied in the pipelined ADC, not only
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opamp is shared in two paths of each stage, but the sub-ADC is also shared. Therefore,
the Xa, Ya, Za and Xb, Yb, Zb, corresponding to clka and clkb respectively, are the
controlled signals which will be applied to the MDAC, which is also implemented

with double-sampling technique.

Table 4.3 summaries the digital output codes of MSB and LSB and the controlled
signals of X, Y, and Z for different values of the differential input voltage. Figure 4.31
shows the simulated result of the 1.5-bit sub-ADC, where the +Vref are set equal to

+600mV.

Differential Input Voltage | Digital Output Codes | Controlled Signals
(Vin) " (MSB,I8B) (X, Y, 2)

_Vref | = :
V<V, < 2 00 010

_Vref +Vref :
<V, < 01 > 001

4
+Vref

2 <V, <4V, 10 100

Table 4.3 Digital output codes and controlled signals of 1.5-bit sub-ADC

I . S

SWn Al i g 1du

Figure 4.31 Simulated result of MSB, LSB, Xa, Ya, Za, Xb, Yb, Zb for an input signal

of sine wave
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445 1.5-Bit MDAC

The performance of pipelined ADC critically depends on the 1.5-bit
multiplying-digital-to-analog converter (MDAC). Figure 4.32 shows the schematic of
the double-sampling 1.5-bit MDAC configuration. As the configuration of the SHA,
the MDAC is designed for two parallel sets of sampling capacitors and feedback
capacitors to increase the throughput rate in each stage. The two parallel paths are
controlled by opposite non-overlapping phase clocks @, and @,. The phase @, ¢ and oy, 4

are delayed version of phase @, and oy,. [34] [35] [36]

ea_d
ob_d
ga d Cf.
_I—: T gb_d
ea_d
refp '_Xp'—| = i
refn — Cs:y 'y 0a
yb Ving,_| — Vem —
b
eb_d Ctzp
xa -~
refp ° ea_d
P 1 a _ Voutp
refn e—
T >
ya zby  za * 5 Voutn
refp*™ ]
refn — ga_d
xa -
eb
Vinn —e Vem | |
yb \
refp ea
refn ._,‘_I »
xb ob_d
eb d
ea_d

Figure 4.32 Schematic of the double-sampling 1.5-bit MDAC
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During the first phase @,, one set of capacitors Cs;,, Cfip,, Csiy and Cfj, sample the
differential input voltage Vinp and Vinn .Concurrently the other set of capacitors Cfy,
and Cf,, are connected in feedback, and capacitors Csy, and Cs,, are connected to a
proper reference voltage, Vrefp or Vrefn, which is controlled by the controlled signals
Xa, Ya, and Za generated from the sub-ADC. The amplifier performs the analog
reconstruction of the digital code resulting from the sub-ADC, subtracts it from the

analog sampled voltage, Vin, and multiplies the resulting residue by 2.

During the second phase @, the roles of the capacitors are exchanged. Capacitors
Csap, Chyp, Cson and Cfy, are employed as sampling capacitors. And capacitors Cfy,
and Cf,, form the feedback loop of the opamp while the capacitors Cs,, and Cs,, are
connected to the positive reference voltage (Vrefp), or to the negative reference

voltage (Vrefn) depending on the state of controlled signals Xb, Yb, and Zb.

Assuming Cs=Cf=C and the a non=ideal op-amp with finite DC gain, the value of

the amplified residue to be processed by the next stage of the pipeline is given

approximately by
2Vin +Vref . " Vref
——,if =V, <V, < <Y =
2
I+—
A
: -V +V,
V, = EAS JfF—L <V, <« —L 7 =1 (4.30)
1 2 4 4
+ J—
A
2Vin _Vref : +Vref
f <V, <+, & X =1
2 4
I+—
A
yielding for very large A
Vo 22-V,, = X -V, +Y -V (4.31)
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where X, Y, and Z are the encoded digital outputs provided by the 1.5-bit sub-ADC.
Figure 4.33 shows the simulation output waveform of the MDAC circuits in the first

stage .
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Figure 4.33 Simulated result of the 1.5-bit MDAC

4.4.6 The 2-Bit Flash ADC
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Viefr QB Q 3 D1

Viatek

Figure 4.34 Schematic of the 2-bit Flash ADC
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The final stage of 2-bit flash ADC is shown Figure 4.34. The simulated results are

illustrated in Figure 4.35. The output digital codes are 00, 01, 10, 11 depending on the

threshold voltages, Vrefp and Vrefn.
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Figure 4.35 Simulated result of the 2-bit Flash ADC
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Figure 4.36 Two-phase clock generator for double-sampling pipelined ADC

The two-phase clock generator for the double-sampling pipelined ADC is
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illustrated in Figure 4.36. The input clock ,clkin, is inserted off-chip in the frequency
of 200MHz. Two non-overlapping phases, shown in Figure 4.37, are delivered for
proper operation of switched capacitor circuits in the frequency of 100MHz
respectively. The characteristic of this scheme is the adoption of the short pulse Cs of
the width A and frequency 200MHz, which changes from 0 to 1 on the rising edge of
clkin, illustrated in Figure 4.38. The short pulse Cs cause a high-to-low transition at
the output of the inv1, which has its output at logic level one. Therefore, the falling

edges of the clka and clkb can be controlled uniformly by the short pulse Cs. [37]

lka

D0:te0v {olkb_d)

clka_d

S

clkb

_____..,
—_

; : ; ; : ; ; :
Ml » 20n 250 0o 35n 40n 450 S0n 55n B0n
|« | — e e 65n

Figure 4.37 Simulated results of the non-overlapping clocks
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i~
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U

Time (lin) (TIME)

Figure 4.38 Timing diagram of the clock generator

As a result, uniform sampling clocks can be reached to minimize time-skew
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problems in the double-sampling pipelined ADC. A possible disadvantage of this
circuit will be that a short time makes the pmos of invl and M1, or, the pmos of inv2
and M2 simultaneously on. It will increase the power dissipation a little, but it can be

negligible in the overall power consumption.

4.4.8 Registers and Digital Error Correction Logics

The registers are used to make the output codes from 9 stages synchronous and the
final 10-bit codes are stored in registers after processing by digital error correction
logics. Positive edge-triggered true single-phase clocked D-flips are adopted in the
design of the registers, as shown in Figure 4.39. Only one clock phase is needed in the

register and the complexity of the register arrays ean be reduced.

D o

a1 A L
SRS A

Figure 4.39 Positive edge-triggered true single-phase clocked D-flip

The digital output codes in each stage must be calibrated by the digital correction
logics. It recombined the nine 1.5-bit codes by overlapping adding operation.
Combining the register array and digital correction logics implement the backend

design of the ADC shown in Figure 4.40.
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Figure 4.40 Shift register arrays and digital error correction logics

4.4.9 Simulated Results of Pipelined ADC

D8

D7

D6

D4

D3

D2

D1

DC

The 10-bit, 200MS/s double-sampling pipelined A/D converter with the 1.8V

supply voltage is implemented. With the ideal DAC, the 10-bit output digital codes

are converter to analog signal. Figure 4.41 shows the simulated result of the pipelined

ADC when applying the 1 MHz sine-wave to the inputs. The spectrum of the

reconstructed 0.98 MHz sine wave is shown in Figure 4.42 and the SNDR is about

56.14 dB.
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Figure 4.41 Simulated result of the pipelined ADC with the sine-wave input signal
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Figure 4.42 The spectrum of the 0.98 MHz sine wave

Figure 4.43 shows the simulated results through the ideal DAC when applying the

ramp signal to input.
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Figure 4.43 Simulated result of the pipelined ADC with the ramp input signal

Then the results are analyzed for characterizing the linearity of the ADC. However,
the linearity of the ADC could be realized by analyzing the parameters of the DNL
and INL. The simulated results of the DNL and INL of the pipelined ADC are shown

in Figure 4.44. The maximum DNL and INL are +0.75 LSB and +0.95 LSB.

Figure 4.44 Simulated results of DNL and INL

Table 4.4 summaries the simulated results of the pipelined ADC. Layout and floor
plan of the experimental prototype chip are shown in Figure 4.45. This pipelined ADC
was laid out on a 1.380x1.134 mm?® die that including digital circuits and the pad
frame. In the layout, we use the mirror symmetry to enhance the rejection of common
mode noises in the fully differential circuits. In this research, the analog circuit is
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separated from the digital circuit and is powered from a separated power supply.
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Parameters Simulated Results
TSMC 0.18um CMOS
Process
Mixed-Signal
Supply Voltage 1.8V
Input Range +0.6V Fully differential
Resolution 10 bits
Operation Frequency 200 MHz

INL/DNL +0.95 LSB /+0.75 LSB
ENOB(Fin=0.98MHz) 9.03 bits
SNDR (Fin=0.98MHz) 56.14 dB

Power Dissipation 103.28 mW

Chip Size

1.380mmx1.134mm

Table 4.4 Summary of simulated results of the double-sampling pipelined ADC
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Figure 4.45 (a) Layout and (b) floor plan of the pipelined ADC



Chapter 5
Test Setup and Experimental Results

5.1 Introduction

The double-sampling pipelined ADC has been implemented by TSMC 0.18um
IP6M CMOS Mixed-Signal process. In this chapter, the testing environment, the
printed circuit board (PCB) circuits and required instrument for testing are

introduction. Finally, the experimental results are summarized.

5.2 Test Setup

Analog Power

K ]9V Battery

Regulator
7
//
L .| Reference and Bias e
— ' Voltage Generator 7
L
p 9V Battery
\ A \ A J .
7 Vrefp Vrefr Vbal Vbad s '
e
| VDDA s .
Voltage Voo [ Digital Power
Generator »| GNDA -~ GNDC |- Regulator
/
Function > zinp A‘DC Velk [ G CIOth
Generator e enerator
g Vinn .
e Digital
e OQutputs
L
7
L
// H
7 Personal |, | Logic
Computer [N Analyzer

Figure 5.1 Testing setup

A schematic of the measurement setup used to evaluate the double-sampling
pipelined ADC performance is presented in Figure 5.1. Figure 5.2 shows a photograph

of the PC board used in the experimental evaluations. In Figure 5.1 it consists of the
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analog power regulator, the digital power regulator, the function generator, the clock

generator, the reference and bias voltage generator, and the logic analyzer.

& EHEHHG %
Figure 5.2 The photograpﬁ ”Iof the expenmental j?ipelined ADC DUT board

5.2.1 Power Supply Regulators /1T

The power supply is divided into two main parts to support the analog voltage
VDDA and digital VDDD to avoid noise coupling between analog and digital circuit.
Therefore, these two powers have their own regulator and the output voltage, and the

analog ground and digital ground are isolated to each other.

The analog and digital power supplies are generated by the application of the
LM317 adjustable regulators shown in Figure 5.3. The input voltage of the regulator
circuit is connected to a 9V battery, and the output voltage is specified in 1.8V. The

regulator circuit requires two resistors to define the output voltage. [38] The output
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voltage of the Figure 5.3can be expressed as

Vout:1.25-(l+%j-lADJ-R2, (5.1

where I5p; is the DC current that flows out of the adjustment terminal ADJ of the

regulator.

Vin @ Vin Vout ® \out
LM 317
ADJ

R1

Figure 5.3 Power supply: regulator

The outputs of the regulators are bypassed on the PCB with the filter tank. The
bypassed filter network is combined by 10uF, 1uF, 0.1uF, and 0.01uF capacitors as
shown in Figure 5.4. The capacitor arrangement in Figure 5.4 provides decoupling of
both low frequency noise with large amplitude and high frequency noise with small

amplitude.

L1=100u

w0001

CT=10LIC2=1U C3=0.1u | C4=0.01u

® Vout

}7
}7

Figure 5.4 Bypass filter at the output of the regulator
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5.2.2 Input Termination Circuit
The applied input signal to the DUT is buffered and converted to balanced
differential forms by the circuit shown in Figure 5.5. By using the configuration of an

inverting opamp and a non-inverting opamp, the differential signals are generated and

delivered to the AC coupled circuit. [22] [39] [40] [41]

5K 649
N
Vin |

550

0P27 2

= -9V

Figure 5.5:Single to differential circuit

D Vins
T In
3K
V- D AR D Vi
zzon%

Figure 5.6 AC coupled circuit
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The AC couple circuit is illustrated in Figure 5.6. The outputs of the AC coupled
circuits are terminated on the DUT with one pole low pass filters as shown in Figure
5.6. With the AC coupled circuit, we can prevent the aliasing of high frequency noise
components into the baseband and attenuate charge kickback from the sampling

switches in the DUT into the input source.
5.2.3 Measured Instruments

The input signal to the DUT is provided by the signal generator, Agilent E4438C,
shown in Figure 5.7. The clock signal is generated by a pulse/pattern generator

Agilient 81130A, shown in Figure 5.8. The output bit streams of the DUT are fed to

T
_i.‘.,.“u',‘I_- TF,

the logic analyzer, HP 16702B,.:§ﬂ6\x3n__iﬁ F;gufe 5.9. The 10-bit output data was
primarily captured and stored fnntheldg!i alyZe”rq By transferring the digital data

from the logic analyzer, the conyertel:r* utputs, were processed and analyzed using

Figure 5.8 Pulse/pattern generator Agilient 81130A
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Figure 5.9 Logic analyzer HP 16702B

5.3 The Package and Pin Configuration

R
pipelined ADC. Figure 5.11 %f)e ;

assignments of the experimentaa{i;\e'l ned ADC.
L I = 1 s
A Xerm

Figure 5.10 Die photomicrograph of the pipelined ADC
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Pin | Name | I/O Describe

1 NC - No connection

2 NC - No connection

3 NC - No connection

4 NC - No connection

5 NC - No connection

6 | CLOCK ] In System clock input

7 NC - No connection

8 DGND | In Digital ground

9 DVDD | In Digital power supply
10 | AGND | In Analog ground

11 NC - No connection

12 | AVDD In Analog power supply
13 REFP In | Reference voltage Vcem
14 REFN In | Reference voltage Vcm
15 NC - No connection

16 NC - No connection

17 DO Out Digital data output
18 DI Out Digital data output
19 D2 Out Digital data output
20 D3 Out Digital data output
21 D4 Out Digital data output
22 D5 Out Digital data output
23 D6 Out Digital data output
24 D7 Out Digital data output
25 D8 Out Digital data output
26 NC - No connection

27 D9 Out Digital data output
28 NC - No connection

29 | AGND In Analog ground

30 Vbad In Bias voltage

31 Vbal In Bias voltage

32 Vem In Common mode voltage
33 Vinn In Input signal (180°)
34 Vinp In Input signal (0°)
35 | AVDD In Analog power supply
36 NC - No connection

37 NC - No connection

38 NC - No connection

39 NC - No connection

40 NC - No connection

Figure 5.11 (a) Pin configuration diagram and (b) Pin assignment
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5.4 Experiment Results of Pipelined ADC

The pipelined ADC has fabricated in 0.18um CMOS process. The chip was
powered by the 1.8 V analog and digital circuits supply. A 1 MHz sine wave is applied
to the ADC and operates at the 100 Msample/s and 150 Msample/s conversion rate,

respectively. The output 10-bit streams of the DUT collected by the logic analyzer and

the plot chart are shown in Figure 5.12 and 5.13.

Figure 5.13 Measured results for 150 Msample/s conversion rate (a)Output bit streams

(b) Plot chart
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From the measured results shown in Figure 5.12 and 5.13, the signal to noise ratio
is calculated by collecting 65536 samples of the input signal and performing a 65536
point fast Fourier transform shown in Figure 5.14. This result shows that SNDR are
about 32.14 dB and 30.78 dB for 100 and 150 Msample/s conversion rate

respectively.

]
SEFIVaEY:

L Rl
]

(a) (b)

Figure 5.14 65536 points FFT-at 1MHz.input-frequency for (a) 100 MHz sampling

frequency. (b) 150-MHz

These harmonic distortions are caused by the nonlinear of the op-amp and
mismatch of the two sampling paths. The worst reason is that the DC gain of the
op-amp at the highest output swing is no longer large enough to meet the required
specification. Furthermore, the charge injection and common mode drift issues both
are the possible reasons. In addition, when the sampling rate is large than 150
Msample/s, the plot chart of the ADC doesn’t show the similar sine-wave. Probably
the input signal and the sampling rate are coupled each other, thus the input signal is
influenced and clipped. Figure 5.15 shows the SNDR for different sampling rate.

Table 5.1 summaries the measured results of the pipelined ADC.

104



4n

35

30

SHNDR{dBE}

o 20 40 &0 &0

200K Hz

1MHz
#— ZMHz
SMHz

100 120 140 180 180

Samping Freguency (MHZ)

Figure 5.15 The SNDR against the sampling rate

Parameters Measured Results
TSMC-0.18um CMOS
Process
Mixed-Signal
Supply Voltage 1.8V
Input Range +0.6V Fully differential
Operation Frequency 150 MHz
SNDR for a 1 MHz input 30.78 dB
ENOB 4.82bits
DNL/INL 5.43/18.62 LSB

Power Dissipation

103 mW

Chip Size

1.380mmx1.134mm

Table 5.1 Summary of measured results of the pipelined ADC
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Chapter 6

Conclusions

6.1 Conclusion

In thesis, a double-sampling pipelined ADC has been designed, laid-out,
fabricated, and tested. With the technique of double-sampling, the specifications of
the operational amplifier can be relaxed and the conversion rate of the pipelined ADC

is duplicated compared with the single-sampling ADC.

Although the technique of double-sampling ¢an increase the conversion rate, some
non-idealities also comes along- in.the double-sampling pipelined ADC. Besides the
non-idealities in the single-sampling pipelined-ADC, such as the charge injection error,
offset error, and gain error, the ‘mismatches between the two paths have to be

considered. We have discussed these problems in chapter 3.

The chip was fabricated by TSMC 0.18um 1P6M CMOS process. The measured
results are 32.14dB in the 100MHz conversion rate. The maximum conversion rate in
the measurement is worse than the simulation, because the design of the opamp is not
good enough and settling error increases. Therefore, the output residue of each stage
can not be settled properly when increasing the sampling frequency. On the other
hand, there are many extra parasitic capacitors that the post-layout extraction didn’t
extract out, and the measuring skills are not good enough, and any other reasons like

the instrument issue and the high frequency effects that need to discover and study.
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6.2 Future Work

As the mismatches between the paths result in severe distortions in the spectrum,
the performance of the measurement is not satisfied. Therefore, it is an important
issue to reduce the gain mismatch, offset mismatch, and timming mismatch. If we
continue to research on the same topic, we will try to add some calibration methods to
correct the nonidealities in the double-sampling pipelined ADC. As time goes by, a
wide variety of calibration techniques has been proposed. Digital or analog calibration
methods may be applied to the design for the double-sampling pipelined ADC. Based
on the architecture of double-sampling pipelined ADC, the time-interleaved ADC can
be established by combining more channels of double-sampling pipelined ADC. As a

result, the sampling rate can be incfeased much greatly.

On the other hand, low voltage low=power-designis the other topic to study for the
future work. With the reduced supply-wvoltage; we have to do efforts to improve the
performance of the opamp to reach the accuracy of the ADC. And in order to reduce
the power consumption, scaling down the sampling capacitors stage by stage will be

necessary.
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